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Clock Generation for Silicon Photonics based Optical Communication Systems
By Fanfan Meng

As communications data traffic continues to increase, electronic interconnects over
short reaches are struggling to keep up with the bandwidth and power consumption
requirements. One of the technology trends is to migrate from copper to optical based
interconnects where silicon Photonics (SiP) technology has emerged as an excellent
technical solution to meet the performance and cost requirements of these short-reach

applications.

The clock generation system is a critical module that none of the communication
systems can overlook. However, the reported clock generation solutions utilized in
SiP transceivers inherit limitations from traditional electronic interconnects, where the
clock signals are limited by the frequency tuning range, system settling time and the
number of clock phases. The motivation for this PhD project is to build a novel clock
generation system that can be fully integrated with future SiP transceiver and the

innovation has been realized in various aspects of the work.

Firstly, a novel high-speed ring-based voltage-controlled oscillator (VCO) is proposed
using inductor peaking. The proposed VCO topology was validated with four design
examples fabricated in different CMOS processes nodes (130nm and 65nm) and
measured results show close agreement with theoretical analysis. The figure of merit

(FOM) of 203 is the best combination of frequency and tuning range currently.

Secondly, a dedicated phase locked loop (PLL) structure combined with the inductor
peaking VCO was created, focussing on the requirements of frequency controllability

and system settling time for SiP communication system. A programmable frequency



range of more than 25GHz has been achieved using a 40nm process while the

measured phase locking time is always less than half of a microsecond.

Finally, with the mainstream CMOS process for analogue circuits design migrating
towards to 28nm High-k/Metal Gate (HKMG), design methodologies on the proposed
VCO have been realized in order to adapt this evolution. Two specific design cases
have been implemented to fully utilize the advantages of new CMOS process and

mitigate the side-effects of 28nm HKMG process.
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Chapter 1 Introduction

1.1 Background of Silicon Photonics

Broadband access demands have been rapidly growing to almost all the corners of the
world and form an indispensable part in the daily life of billions of people. The
development of high throughput devices is driven by the increase amount of end users
and the emerging data intensive applications, such as network data centres, high-
performance computing and 4K/8K high-definition television (HDTV), for which the

requirements posing significant challenges to the communications network bandwidth.
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Fig. 1- 1 The Past and Predicted Growth of the Total Internet Traffic [1]
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According to the statistics and predictions of Cisco in 2017 [1], fig. 1-1 illustrates the
explosive growth of the global internet, in which monthly data traffic is expected to
exceed 278 Exabytes in 2021, 53% growth to that in 2016.

To keep pace with Moore’s Law, microprocessor architectures are transitioning from
multi-core to many-core structures. According to the estimation in [2, 3], the 1/O
interfaces among future intra-chip architectures will require bandwidth in the range of
200Gh/s to 1Tbh/s and begin the tera-scale computing era. However, under current
interconnect scenarios, the traditional metallic approach for supporting data transfer
has gradually reached the physical limits in both bandwidth and transmission distance.
In addition, large power consumption [2] and increased system complexity [4] make
the electrical-based communication network no longer able to provide a reliable
solution for the increased demands on high bandwidth applications. By contrast,
optical access is superior to metallic-based techniques in terms of both capacity and
transmission distance. As a result, the optical-based communication networks have
become a preferable candidate to break through the barriers of high-speed data

transmission.

Enterprise
Distances:

1- 10km
Rack to Rack

Distances:
1- 100m

Board to Board

Distances: 3 Silicon Photonics
50-100cm

Chip to Chip

Distances: ELECTRICAL

1-50cm

Intra-Chip

Distances:

0.5-10mm

Source : Intel 2005 2010

Fig. 1- 2 Data Rate Limits for Different Data Communication Distances [5]

The first demonstration of using optical fibres as a medium for light propagation dates
back to the mid-1950s [6]. With the improvement of optical fibres, optical
communication has been widely deployed and used in enterprise distances (over 1km)
and long-haul applications. Corresponding protocols are standardized, such as
synchronous optical networking (SONET) and synchronous digital hierarchy (SDH).
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Although optical-based data transfer has been successfully applied to long-haul
communication, the usage in short reach applications such as rack-to-rack or board-
to-board communications is still limited due to the high cost of optical technology.
Therefore, a new technology called silicon photonics has emerged to fill the gap. As
shown in fig. 1-2, Intel’s vision for the deployment of silicon photonics technology is
typical, and mainly aims for areas with distance less than 100m short reach
communications, especially for future intra-chip communication [5], although,
increasingly, longer reach applications are emerging.

Silicon photonics is an emerging field for optical communications and optical
interconnects in microelectronics and the key driving force is the usage of mature
complementary metal-oxide-semiconductor (CMOS) technology to achieve high-
volume production at low cost [7, 8]. Incorporated with highly sophisticated CMOS
processing techniques, silicon photonics provides an electronic-photonic platform that
constructs optical waveguides onto silicon surfaces to confine and direct light as the
transmission carrier. Besides the advantages of highly integrated and high-volume
manufacturing features of silicon semiconductors, the technology also guarantees high
energy efficiency and less packaging cost, which provides a possible inexpensive

solution for high performance applications [9].
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Fig. 1- 3 Realization of Processor-memory Optical Link [10]

For example, an attractive system applications for using silicon photonic interconnects
is for processor-memory interfaces, especially for dynamic random-access memory
(DRAM) [11]. There are two of concerns for next generation DRAM. One is the higher

3
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bandwidth of each pin throughput (6.4Gb/s data rate required based on DDR5 standard
[12] ) while the other is memory capacity. The implementation of silicon photonics
interconnects can significantly increase the data rate at each pin without degrading the
total memory capacity. An excellent feasibility of future processor-memory with
optical link is demonstrated in [10], and the topology is shown in fig.1-3. The
processor, memory, interface circuits and photonic devices are implemented together
onto a single CMOS chip in 40nm SOI technology process. The read and write
functionality is realized and verified by the processor-memory optical link with the
data rate of 2.5Gb/s between processor and memory. As claimed by the author, the
total aggregate bandwidth can be increased by more than ten times with single

wavelength operation [10].

1.2 Project Motivations

1.2.1 Technology Trend of Electro-Optics Interconnect

To effectively merge silicon photonics technology with existing electronic application,
the primary research is focusing on the development of electro-optics interfacing
circuits. A particularly important area is the silicon photonics transceiver systems. In
the past few decades, different type of modulators, such as electro-absorption
modulators (EAM), Mach-Zehnder modulators (MZM) and Ring resonator
modulators, and corresponding high-speed drivers have been integrated in monolithic
or by hybrid integration [13-16]. Similarly the photo-detector and transimpedance
amplifier (TIA) can be integrated on the receive side.

Electrical IC Photonic IC )
bit 01 ll 21 l M-bit input

M x N mapper
N binary
(111\(1~
{ —

Fig. 1- 4 (a) Conceptual View of Silicon Photonics IC integrated with Electrical IC by
Hybrid Integration. (b) The Principle of Segmented Optical DAC [17]
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Fig. 1-4(a) illustrates the hybrid integration of silicon photonics ICs with an electronic
ICs. As shown in recent works, modern silicon MZM modulators have the capability
of handling data rates of more than 50Gb/s [18, 19]. Moreover, the data rate of an
entire single channel integrated silicon photonics transceiver could range from 10Gb/s
to 56Gb/s [13, 16, 20, 21]. In addition to this, high-order modulation techniques, such
as N-level pulse amplitude modulation (PAM-N) and quadrature amplitude
modulation (QAM), have been widely applied to optical links for further exploitation
of channel capacity [22]. The practical implementation of these higher order
modulation techniques require the adaption of high-speed data converters, such as
analogue-to-digital and digital-to-analogue converter (ADC/DAC). Furthermore, the
optical data converter has been shown as another promising candidate for silicon
photonics applications. Fig.1-4(b) depicts the principle of an optical DAC in a
segmented transmitter [17]. A segmented MZM modulator (N-bits) associated with
the corresponding drivers are paired together to convert the binary electrical data
signal (M-bits) into multi-level optical signals and then transmitted through the
waveguide. In recent research, a 3-bit segmented MZM optical DAC is presented in
[23] which demonstrated a 10Gb/s data rate with PAM8 modulation.

Although many application areas, such as telecommunication networks, high
performance computing systems and storage interfaces, have all shown promising
development of using silicon photonics technology, the current electrical IC design in
these electro-optics circuit are mostly focusing on the driver and TIA. However, to
guarantee the functionality and performance, a critical module that none of the
communication systems can overlook is the clock generation system. In the recently
reported optical transceivers and optical DACSs, the fact is that the solution of clock
generation is either provided by an external frequency source such as arbitrary
waveform generator (AWG) [17, 24, 25] and bit pattern generator (BPG) [23], or
inherited from the traditional electronic interconnects [26, 27], in which the
performance is limited by the frequency tuning range, system settling time and the
number of clock phases. These current situations and limiting factors motivate us to
investigate the possibilities of developing a novel on-chip clock generation system for
comprehensive silicon photonic based optical communication, which is then set as the

major target in this PhD project.
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1.2.2 Targeting Demands for Clock Generation System

The aim in this research project is focused on designing a versatile clock generation
system for a silicon photonics based optical communication system. The demands for

this clock generation system include the following:

First of all, as the optical channel is able to carry much higher bandwidth compared
with traditional electrical channels, in order to maximize the advantages in optical
communications, the clock served in silicon photonics transceiver systems is desired
to provide highest possible bandwidth. In addition, with the market of consumer
electronics continuing to grow, it requires increasing flexibility and compatibility
between different electronic equipment. Hence, multimedia Systems-on-chip (SoCs)
standards have drawn much attention to current multiple wireline transceiver systems.
Table. 1-1 shows several widely-applied communication protocols and their

corresponding data rates.

Table 1- 1 Widely Applied Communication Protocols and Corresponding Data Rate

Protocol Network Application Link Rate (Gbps)

Serial ATA (SATA) Storage 16.0,6.0,3.0,1.5

PCI Express Peripheral 15.7,7.87,4.0, 2.0
HDMI/TMDS Peripheral 18.0 (in HDMI 2.0), 10.2
HDMI 2.1 Peripheral 48.0

uUSB Peripheral 10.0,5.0

XFP/XFI Ethernet, Storage 10.5188, 10.3125
HyperTransport Memory, Computing 51.2,41.6, 22.4, 12.8 (32bits)
SuperMHL Peripheral 36 (>6 A/V lanes)

However, to integrate multiple protocols with various data rates onto the same die with
video/audio signal processing/decoding and microprocessors, intensive port density
and increased overall cost is an inevitable consequence. Fortunately, this deficiency in
the electrical approach can be made up through optical system deployment. As for
optical interfaces, constraints on port density can be effectively resolved via the large
bandwidth of optical fibre. Data in several channels can be carried by Wavelengths
Division Multiplexing (WDM) through a single optical fibre. However, a significant
premise for all specifications that are listed in table 1-1 is to have a versatile clock

generation system that can cover a broadband tuning range up to tens of gigahertz.
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On the other hand, since the data rate in the communication network is increased by
the use of optical interconnects, the system latency issue gradually manifests itself as
another bottleneck in a silicon photonics computing system and limits the overall
performance. The latency issue potentially comes from many different factors, such
as network architecture (e.g. distance or topology), protocols (e.g. data frame length)
and device latency, to name just a few. Specifically speaking, regarding an optical
transceiver system, one source of device latency is the settling time of the clock

generation circuit.

In addition to this, in high-speed data conversion, the time interleaved architecture is
commonly used to increase the overall sampling speed of the system, and the
architecture can also benefit from the silicon photonics communication system. To
avoid time skew mismatches, the staggered phase clock should be triggered by the
same source. Therefore, the premise of achieving this functionality is to generate

multiple phase clocks from a single clock generation system.

In summary, the clock generation system for usage in silicon photonics based optical

communication system should include following features:

e Over 28GHz high-speed clock signal for maximizing the data rate in optical
transmission.

e Wide tuning range for compatibility with multiple communication protocols.

e Nanoseconds level settling time for low latency start-up.

e Quadrature phase clock signals.

1.3 Design Challenges

Although considerable advantages have been obtained by CMQOS process scaling,
significant challenges still exist in designing high-speed CMOS circuits [4, 28].
Several design challenges in this project are highlighted below:

¢ Insufficient gain of CMOS transistor in advanced deep sub-micron technology
can be a major issue in effective circuit design [4, 26]. With process scaling,
the dominant factor increased is the transition frequency, which can effectively
benefit the digital circuits, however, the transistor’s gain-bandwidth product is

reduced, generation to generation, due to parasitic wire capacitance and
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resistance [4], which poses serious challenges for analogue designers on
expanding system bandwidth. Although passive/active inductor techniques
have been applied to alleviate this issue, the impact is still limited by either
overwhelming area cost [29] or a low Q factor [30, 31].
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Another advantage of process scaling that becomes a challenge for high-speed
CMOS circuit design is the reduction of power supply voltage. As it can see
from fig.1-5(a), for low power purposes, the supply voltage is decreased with
process scaling. With lowering the power supply voltage, the voltage
headroom assigned to each transistor is consequently reduced. On the other
hand, the threshold voltage of the transistor is increased with process scaling
down which is illustrated in fig.1-5(b) (the results are based on simulation in
TSMC 65nm, 40nm, 28nm technology nodes). With the same drain current,
the threshold voltage of a single transistor is compared between different
processes. Consequently, for high-speed purposes, larger gate voltage is
required in current mode circuits in order to effectively bias the transistors into
the saturation region. With the interaction of decreased power supply and
increased threshold voltage, the valid operation range of transistor is greatly
reduced. Furthermore, a cascoded structure is commonly used in analogue
circuit design to provide large output resistance. However, with a nominal
power supply voltage, the more stacked transistors, the less voltage headroom
that is available.

Device mismatch and variation is also an important issue that needs to be

considered during circuit design. According to the investigation in [28], the
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1.4

standard deviation of drain current around different process corners is
approximately 7.5%~9%, which is a considerable figure for high performance
analogue design, and the current mismatch of the same transistors in a
proportional size expansion (<1, >3, <12) varies significantly. It shows that
large size transistors have less current deviation. However, the consequence is
a reduction of transistor speed and increased chip area. Therefore, during the
design stage, designing enough tolerance to process variation is always a trade-
off with operation speed, chip area and power budget.

In addition to those issues mentioned above, with the scaling down of transistor
dimensions, the intrinsic noise floor of transistor gets progressively worse in
more advanced technology process nodes. Furthermore, from the perspective
of circuit design, the jitter on the transmitted data is primarily determined by
the noise performance of the phase locked loop (PLL) which is the core
circuitry in the clock generation system. Therefore, designing a robust low
noise PLL is essential. However, with a GHz output frequency, the suppression
of jitter becomes more of a challenge. The noise mapping of the PLL is a trade-
off with the loop bandwidth. For instance, with larger loop bandwidth, the in-
band phase noise can be decreased, but more low frequency noise passes from
input to output. With a wide band specification, the jitter becomes even worse.
For those reasons, a novel architecture is required to achieve the requirements

of the clock generation system for silicon photonics applications.

Thesis Outline

The structure of the thesis is described as follows. Initially, the current trend of

demands for data intensive applications is briefly introduced. The fundamental

background knowledge about silicon photonics and its promising applications are

reviewed. This leads to the conclusion that a clock generation system is an essential

part of future integrated silicon photonics circuits, and therefore, this target is the core

purpose of the work reported in this thesis.

In chapter 2, a comprehensive literature review about modern high-speed electrical

and optical transceiver architecture is presented, along with the state of art

performance published in recent years. Moreover, the fundamental principles of the
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core modules of this work, including the voltage control oscillator (VCO) and the
phase locked loop (PLL) for generating clock signals for these transceivers are detailed

reviewed from the perspective of performance and topologies.

In chapter 3, a new type of ring-based VCO is presented to accomplish the ultra-wide
tuning range and high bandwidth demands of a clock generation system. The idea of
this structure innovatively combines the advantages of two different types of VCO
(inductor-capacitor VCO and ring-based VCO) by incorporating them with the
inductive peaking technique. Theoretical analyses for both conventional and proposed
VCOs are presented. Four design examples based on different process technology
nodes are fabricated which demonstrated the functionality of the idea.

In chapter 4, the utilization of the proposed VCO structure is embedded into a PLL
system to form a functional clock generation system. Considering the stability and
controllability of the whole system, the novel VCO is incorporated with different types
of currently used PLL structure for performance investigation and comparison.
However, many issues, such as stability, jitter and settling time, are identified.
Therefore, a novel PLL topology is proposed which can effectively resolve the
problems according to simulation analysis. Ultimately, a comparison of different types

of PLL with the proposed structures is made.

In chapter 5 focusses on the further practical implementation of dual-loop triple-
controlled PLL (DLTC-PLL). Each building blocks within the PLL has been described
in detail. For a practical design, the structure of several blocks (phase/frequency
detector and charge pump) is modified to improve the reliability of the PLL. Moreover,
by implementing an integer-N frequency pre-scaler and clock scheme, the overall
frequency range is over 25GHz. The testing measurement and post-layout simulation

are presented at the end of this chapter.

In chapter 6, two specific design cases are presented, in order to explore a design
methodology for high-speed analogue applications in sub-micron CMOS technology
processes. One of the design cases is to investigate and optimize the transistor finger
width to the performance of high-speed analogue circuits which hopes to provide an
elegant solution to simplify the decision of finger width during the practical design. In
second case the optimized finger width is applied to an inductor peaking VCO with

noise reduction for a more sophisticated investigation.
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Finally, the thesis is concluded in the chapter 7, and subsequently several ideas and
research works of clock generation system for silicon photonics based applications are

discussed in the Future Work section.

1.5 Summary

In this chapter, a brief background knowledge about the development of silicon
photonics has been introduced in associated with the demands for data intensive
application and current situation of silicon photonics based application. More
importantly, a critical role that existed to achieve the well functionality and
performance of future silicon photonics components is the clock generation system.
According to the current trend and requirement of high-speed application, the clock
generation system should be equipped with various capability, including high
oscillation frequency, wide tuning bandwidth, fast locking and multiple phase

signalling, to maximize the advantages of silicon photonics based system.
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Chapter 2 Literature Review

2.1 Introduction

This chapter contains the literature review of modern broadband clock generation
blocks. The review starts by introducing the basic principle of a transceiver system
including both electrical and optical link elements. The state of the art performance of
current transceivers is summarized, accompanied with widely applied modulation
techniques. The clock generation blocks are reviewed starting with the voltage
controlled oscillator (VCO) and continuing to phase locked loops (PLL). In the case
of the VCO, two types of conventional VCOs are described and several novel
structures are discussed in terms of the aspects of achievable frequency, bandwidth
and noise performance. In addition, the fundamental principles of two different types
PLL are studied with their corresponding features. Alternative PLL topologies that
have been widely implemented in high-speed applications are reviewed, focussing on
their advantages and drawbacks. Finally, this chapter ends with a comparison of the
speed performance among the range of current electrical and optical transceivers.

2.2 Traditional Broadband Serializer-Deserializers

2.2.1 [Electrical Transceiver Links

Over the past few decades, numerous data intensive applications have been widely

developed that require high speed data links. High-speed electrical links are the most
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traditional approach and commonly used in short distance point-to-point
communication such as internet routers, network storage and processor-memory
interfaces. To achieve high data rates, these systems apply specialized 1/O circuitry
with carefully designed impedance channels.

Fig. 2-1 shows the topology of a typical high-speed electrical link system.

Electrical
:: § Channel >
TX = =~ RX
data :: -§ ) : data
- >
ref clk = PLL TX clk CDR RX clk
Transmitter Receiver

Fig. 2 - 1Typical High-speed Electrical Link System

The electrical transceiver link contains three main parts, which are the transmitter,
receiver and the channel itself. Due to the limited number of high-speed 1/O interfaces
on many chip packages, the parallel input data channels are serialized by a high-
bandwidth transmitter for transmission through an electrical channel. At the receiver,
the incoming data is sampled and de-serialized into binary value for processing by
other devices. In a conventional electrical transceiver link, the electrical channel is
commonly applied with a differential low-swing format to have better common mode

noise rejection during data communication.

To ensure accuracy in transmitting the data and receiving at the far end of the channel,
a high-frequency clock signal is generated by a frequency synthesis phase locked loop
(PLL) at the transmitter for synchronization and the incoming data stream is recovered
from a clock and data recovery (CDR) in the receiver. To ensure sufficient timing

margin at high data rates, high-precision low noise clocks are necessary.

From the perspective of cost, the electrical signaling over copper is still the preferred
option for data intensive applications, such as backplane communication. According
to the Ethernet Standard Task Force, the next generation IEEE’s 400-Gbps (802.3bs)
[32] aims to expand the bandwidth of existing 100Gbps standard [33] to be up to 4
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times faster. To accommodate this growing demand, 16 electrical links of modern
commercially available 25Gbps interfaces working together on the backplane are
required which significantly increases the system complexity [4] and causes increased
power consumption. To reduce the complexity and power consumption, many efforts
have been made to expand the data rate of communication interfaces to reduce the
number of required lanes. In [4, 34], a fully integrated 40Gb/s transceiver link is
presented. Moreover, with the help of the development of modern semiconductor
technology processes, a 60Gb/s (and potentially beyond) transmitter is proposed as
well [35-37]. However, there are still significant challenges in designing 50Gb/s+
transceivers, especially at the receiver, with not only the bandwidth of receiver needed
to accommodate a 50Gb/s data rate, but also the clock alignment requirements on both
the transmitter and receiver becoming stringent and requiring dynamic adjustment. In
addition, to address the issue of data rate scaling, more advanced modulation schemes
are used to improve the aggregate data rate in a given bandwidth of the transceiver.
The most common approach used is N-level pulse amplitude modulation (N-PAM). A
dual-mode 10-PAM serial link transceiver was presented in [38] to achieve 10Gb/s
data transmission. Similarly, a 56GB/s PAM4 SerDes transceiver is proposed in [39].
Other ultra-high speed transceivers with PAM modulation schemes can be found in
[36, 40]. However, an unavoidable issue for using pulse amplitude modulation is that
both ADC and DAC are required for PAM transceiver systems with more than 4 levels
which means that a multi-GHz ADC and DAC pose another challenge to the system
complexity. Furthermore, the signal-to-noise ratio (SNR) is degraded with N (the
number of levels in the modulation scheme) [38] which make the PAM technique
becomes less advantageous in more advanced technology process nodes as the supply
voltage is decreased with the process node size. Moreover, the losses inherent in the
electrical channel are significant in broadband transceiver systems which therefore
additional pre-driver and equalizer is required to compensate for the channel loss at
high frequencies [34].

2.2.2 Optical Transceiver Link

The primary goal of optical communication systems has traditionally targeted the large
volume of data transmission, over long distances, the so called “long haul”
communications system. However, since the transmission in short reach is

approaching the limit of the electrical channel, the transmission based on optical
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channels has gradually moved toward short reach applications. Moreover, the losses
in an optical channel over short distances only varies in fractions of dBs, which gives
the optical link approach the potential for Terahertz transmission without the
requirement of channel equalization. However, to achieve this potential performance
advantage, an optical link requires additional circuitry to interface the electrical

elements with the optical source. Fig. 2-2 depicts a typical optical transceiver system.

Electro-optical
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/‘ Retimer 3
_} X
— > D Q
— 2 FF
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i ) Synthesizer (PLL) Fiber
=N | Clock and Data
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Amplifier %
P
I v
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9 Photodetector

o Decision Circuit
Deserializer

Fig. 2 - 2 Typical Optical Transceiver System

A modulator is used to convert the electrical data into optical form and encode the
light with data information and then transmitted to the far end of the channel via an
optical fibre. At the receiver, the light is detected by a photodetector which converts
the optical data back to an electrical signal. To provide enough modulation depth, a
driver is applied to deliver large current to modulator. A transimpedance amplifier
(TIA) is used to amplify the output of the photodetector with low noise and sufficient
bandwidth. As the output swing of a TIA may not be large enough to provide logic
levels, several stages of limiting amplifier follow the TIA. With issues such as non-
ideality and jitter in practical implementation, the high-speed serialized data is
required to be synchronized prior to the modulator driver. Therefore, a re-time circuit

clocked by a PLL is used. However, since the jitter of the transmitted data is
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determined primarily by that of PLL, this makes the task of designing a robust, low
noise PLL necessary and this is a similar situation to the CDR in the receiver. The
transmitter and receiver are usually designed within same substrate for full duplex
communication. However, the oscillators in the transmit PLL and receive CDR
operate at slight different frequencies due to mismatch and phase shifting, which may
cause frequency pulling and generating substantial jitter. Therefore, designing a low

noise clock circuit with substrate noise rejection becomes essential.

In terms of the performance of a modern optical transceiver system, many efforts have
been made to improve the bandwidth. However, there are two main aspects that limit
the speed of optical link, a key one of which is the bandwidth of the electro-optical
modulator. Recently, optical transceivers have been developed with different types of
modulator. Fully integrated 20Gbps and 10Gbps 4 lane optoelectronic transceivers
with Mach-Zehnder Modulator (MZM) were presented in [41] and [42] respectively.
In [21, 43], a 25Gbps silicon photonic transceiver using a photonic micro-ring
resonator modulator is reported. Moreover, a transceiver with vertical-cavity surface-
emitting laser (VSCEL) has also reached 25Gbps [27]. In addition, a single channel
40Gbps optical transceiver is presented in [20]. However, the stacked-FET circuit
topology used in this design is only feasible in an SOI CMOS process. Although an
equalizer is still applied in some optical transceiver designs to enlarge the bandwidth
of optical devices, it doesn’t require circuits as complex and large as that in a typical

purely electrical link [27].

Another concern related to the performance of the optical transceiver is the level of
integration. In order to reduce the parasitic capacitance and minimize the impedance
discontinuity of bonding wire, flip chip bonding has become an attractive option for
integrating optical devices with electrical circuits, an which approach can be found in
recent papers [25, 27, 43, 44]. However, in some cases, flip chip bonding still presents
a great challenge in the bonding procedure. For example, in [43], the electrical chip
needs to be flipped onto different materials which requires different sizes of micro
bump. The ultimate solution for integration is to fabricate all the photonic devices with
electronics on the same substrate [45]. However, this process is highly depended on
the development of the fabrication foundry, and potentially very expensive, as the
substrate must support excellent CMOS performance, but the optical devices will take

significant space on the chip, significantly increasing cost. Currently, the monolithic
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optical transceiver system is compromised in either the electronic or photonic device
performance [43]. In addition to this, a segmented MZM transmitter monolithically
integrated with CMOS driver is presented in [24], where the transceiver reached
12.5Gbps. By cutting the modulator into several small pieces instead of a single long
element, the lumped capacitance for driver segment is reduced. Moreover, power
dissipation is greatly decreased as the termination resistor is no longer required.

However, excellent phase control is necessary between the driver segments

2.3 Voltage Controlled Oscillator (VCO)

2.3.1 Conventional VCO Structure

The voltage controlled oscillator (VCO) has a primary role in clock generation circuits.
It is not only the core building block of the phase locked loop (PLL), but is also the
source of the oscillation. VCO can be categorized into two fundamental types based
on their characteristics and functionality, the inductor-capacitor tank VCO (LC-VCO)
and the ring-based VCO (RO-VCO). Fig. 2-3 shows the topology of the LC and RO-
VCO.

_Do_ Control Voltage
(a) (b)

Fig. 2 - 3 Topology of VCO (a) LC Tank (b) Ring Based

The LC-VCO usually consists of a cross coupled latch with an embedded LC tank
which generates a resonant frequency. By varying the capacitance of the tank, the
resonant peak is moved to achieve frequency tuning. At the resonant frequency, the
combination of capacitor and inductor provides a large amplitude which enables the
LC-VCO to acquire better phase noise performance at the oscillation frequency.

However, because of this feature, the resonant frequency can only be generated within
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a small range due to the limitations of implementing the physical capacitor and
inductor. Therefore, one significant drawback of the LC-VCO is the relative small
tuning range. In previous research [28], due to the narrow tuning range, in order to
make a PLL with the LC-VCO working within the required frequency band, additional
calibration loop has to be added to improve the immunity to the variation of PVT.
Moreover, since the oscillation frequency of the LC-VCO is determined by the value
of inductor and capacitor rather than circuit topology, associated with the advantage
of low noise feature, the LC-VCO is found be more attractive in high-speed
applications such as wireless transceiver systems [46, 47] and high speed
electrical/optical link [4, 20, 21, 34, 37].

The RO-VCO consists of a number of delay stages connected end-to-end to form a
feedback loop. Differing from the LC-VCO, the oscillation frequency of RO-VCO is
determined by the effective resistance and capacitance of each delay cell. The
capacitance is the combination of gate capacitance (input), load capacitance (output)
and parasitic capacitance at each delay stage, which is highly depended on the
technology process node. , The most approaches to varying the oscillation frequency
in the RO-VCO is via tuning the effective resistance. Fig. 2-4 shows two commonly
used structures of RO-VCO.

e e e A I I
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(a) (b)

Fig. 2 - 4 Common Used RO-VCO (a) Current Starved (b) Common Source

Fig. 2-4 (a) shows a current starved VCO. By controlling the bias voltage for the
current source, the source and sink current at each delay stage is varied which at the
same time varies the voltage applied on embedded inverter, thereby the equivalent
resistance of inverter is changed in order to achieve frequency tuning. Another classic
structure of an RO-VCO is the common source VCO that shown in fig. 2-4 (b). Each
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delay cell is a common source amplifier with a load transistor. The control voltage
directly biases the effective resistance of the load transistor to tune the oscillator

frequency.

In a modern CMOS process, the dynamic range of a MOSFET can be varied over a
wide range. Therefore, one significant advantage of the RO-VCO is large frequency
tuning range. Moreover, because it does not require an on-chip inductor, the RO-VCO
occupies small chip area which make it favorable to clock synthesizing in digital
circuit design [48]. However, from the other perspective, large tuning range makes the
RO-VCO vulnerable to even slight fluctuations in operation. Due to this low phase
noise performance, in recent works, PLLs with an RO-VCO are typically limited to
several GHz frequency range [49-54] and are rarely used in high-speed applications.
Therefore, a careful design is required to apply an RO-VCO to high speed

communications.

In order to maintain oscillation, both the LC-VCO and the RO-VCO need to satisfy
Barkhausen’s Criteria which is the principle of oscillation as described in appendix
Al. It can see that LC-based and RO-based circuits have different strengths and
weaknesses. Generally, they are regarded as opposite solutions and applied in different

situations.
2.3.2 Broadband VCO

Although LC based VCOs can only operate in a narrow frequency range, many efforts
have attempted to extend the tuning range. In [55], a switched capacitor array has been
applied to the LC-VCO for tuning range expansion without degrading the noise
performance. The Q factor of the inductor is maintained while the low Q factor of the
switched capacitance decreases the achievable VCO frequency. Meanwhile, a
switched inductor technique [56] was also explored to extend the frequency range in
LC-based VCO. However, the switched resistance degrades the inductor’s Q factor
and leads to reduced noise performance. In additional, an N-VCO structure
incorporated into a PLL is presented in [57]. By overlapping the tuning range of an
individual LC-VCO, the overall tuning range is extended from 7.3GHz to 16.6GHz.
However, it involves a complex multiplexer system to switch between the different

tuning ranges, and comes at the cost of significantly increased power consumption
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Fig. 2 - 5 Block Diagram of 3-stages Ring Oscillator with LC Tank

In contrast, the Ring-based VCO has an intrinsic advantage on tuning bandwidth as
discussed above. However, the achievable frequency is limited in practice due to the
effective resistance, and input/output capacitance at each delay cell. To allow the ring-
based VCO to be used in high-speed applications, additional techniques have been
applied to extend its bandwidth even further. In [58], a method of combining an LC
tank within a 3 stage ring-based VCO is proposed. Fig. 2-5 illustrates the topology.
The R and C represents the effective resistance and total capacitance respectively
while Gm is the transconductance of each delay cell. The LC tank is only inserted at
the first delay stage and controlled by a switch resistor. When the LC tank switched
out of circuit, the structure acts like a standard RO-VCO, which the achievable
frequency is limited by the product of R and C. Therefore, the transfer function and

phase response can be given as (2.1) and (2.2) respectively.

. [ —GmR 3
H(]WOFF) - (1+jWOFFRC) (21)
3 tan_l(WOFFRC) =T (22)

Therefore the oscillation frequency at the OFF state is given as (2.3)

NG
Worr = 1 (2.3)

When the LC tank is switched in, the transfer function in (2.1) can be rewritten as (2.4)

H(jwoy) = ok ( O )2 (2.9)
1+jR C+won Cp——— 1+jwoNRC
JE\WonCL+WonCp wonLp
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And the phase response in the ON state is given as (2.5)

;)] + 2tan™ " (woyRC) = 1 (2.5)

WonLp

tan_l [R (WONC + WONCp —

It can be seen that the oscillation frequency at the ON state is no longer limited by the
combination of R and C. The resonant frequency generated by the LC tank is
determined by the value of Cp and Lp, which can be illustrated by (2.6)

1

w = —
tank m

By setting a suitable value of Cp and Lp, the wiank can be set to a higher value than for

(2.6)

Worr. In addition, the second term that shown in (2.5) is always less than . Therefore,
once the Wiank is set higher than won and Worr (Weank > Won > Worr), the oscillation
frequency can be raised by the LC tank. However, one potential issue is that it requires
a digital control signal which makes testing more challenging since the non-ideal

switching characteristics may induce more digital noise.

Another approach to extend the achievable frequency in the RO-VCO is through a

multiple-pass loop architecture which is illustrated in fig. 2-6.

Min-1) Mn Mn-2) Mn-2)

Fig. 2 - 6 RO-VCO with Multiple Pass Loop [59]

In [59, 60], a Park-Kim delay cell is selected with a multiple-pass loop architecture.
In additional to the primary loop, a secondary loop is added to decrease the delay time
in each cell to maximize the oscillation frequency. By feeding the input of preceding

stages to the secondary input at each delay stage, the secondary path is switching faster
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than that of primary path. Therefore, this structure can considerably increase the speed
of the circuit. A modified delay cell based on this architecture is also reported in [61].
An active inductor is inserted before the secondary input to further increase the
frequency. An oscillation frequency of up to 10GHz has been obtained based on the

simulation results.

In addition to the frequency tuning range, the tuning linearity is another aspect of the
RO-VCO which should not be ignored. Benefitting from the wide dynamic range of
modern CMOS processes, the RO-VCO is capable of a large tuning range. However,
due to the non-linear characteristics, the tuning linearity of the RO-VCO is typically
poor which results in potential system instability and complicates the design in the
PLL. Several works have been reported to improve the tuning linearity. In [62] for
example, a rail-to-rail voltage tuning delay cell is proposed, the structure of which is

shown in fig. 2-7 (a).

VDD VDD VDD VDD

A A

= 7 TS .
Vo -I m. I- Vbiasg\ VbEIE‘ _":W Vbiasn
E—IF n

Vout
VDD VDD VDD

—| =G G0

— —

Vin =

(a) (b)

Fig. 2 - 7 (a) Rail-to-rail Voltage Tuning Delay Cell (b) Bias-level-shift Circuit

A PMOS (Mpn) transistor stage is inserted and paralleled with the voltage control load.
The Mpn is biased by a level shifter that is shown in fig. 2-7 (b). The level shifter is
working as two source followers in series. Vbiasn is two threshold-voltages lower than
Vbias. Therefore, when Vbias becomes too high and makes the gate-source voltage of
the load less than one threshold voltage, the PMOS load is switched off while the Mpn
is still ON because of biasing by Vbiasn and continues to act like a load to the delay
cell. Thereby, the overall voltage tuning range is extended.
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Another linear tuning delay cell has been reported in [54, 63-65], the structure of
which is shown in fig. 2-8. The delay cell consists of an NMOS transconductance pair,
loaded with a PMOS cross-coupled pair and a diode-connected load. The
transconductance of the NMOS pair is regulated by varying the control voltage to tune
the output oscillation frequency. The DC operating point can be expressed as (2.7)

(when two delay cells are connected to form a ring oscillator).

w, Wy,
Ver = Vasp + Vgsn = /Zk”L_:I + Venp + /anﬂl + Vinn  2.7)

Where ky = u# pCox and kn = 2 nCox. As it indicates, the saturation current | is

proportionally changed with Vcr — Vinn — Vinp. Thereby, (2.8) can be determined.

Imn
Josc = onC X \/7 < Ver = Vinn — Vthp (2.8)

\V/ct

|
6 Vit o

Vi- —II:1 Vn2 Vni = Vi+

Fig. 2 - 8 Linear Tuning Delay Cell

The oscillation frequency can be tuned linearly by control voltage Vcr. Moreover, an
improved fine control path was modified on the above delay cell for further accurately
controlling the frequency, which is presented in [63]. In addition to this, a voltage
regulator is applied to the linear tuning delay cell [54, 63] to further stabilize the Vcr

and reduce the fluctuations.
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2.3.3 Low Noise VCO

The one significant drawback of the RO-VCO is the poor phase noise performance
which limits it for use in high-speed applications. The main reason for this is due to
the characteristic of wide tuning range which causes an excessive voltage to frequency
gain (Kveo). For one thing, the large Kvco not only makes VCO vulnerable to any slight
fluctuation or noise on the control signal. Also, it complicates the design of the PLL
as the larger Kyco requires placing a large loop capacitor. Therefore, many efforts have
been made to improve the noise performance of the RO-VCO whilst maintaining its

wide tuning characteristic.

The noise can be generated from many sources. The most common noise source is
through the power supply voltage. In a practical implementation, the differential
architecture has been widely used in both digital and analogue IC design, as it has
better common-mode rejection of supply voltage and substrate noise [66]. When it
comes to the differential RO-VCO, the structure of the delay cell can be categorized
as fully differential (FD) and pseudo-differential (PD), which are shown in fig. 2-9 (a)
and fig. 2-9 (b) respectively.

VDD VDD

Vi+ Vo+

Vo+

Y V

Vi-

(b)
Fig. 2 - 9 (a) Full Differential (FD) Delay Cell (b) Pseudo-differential Delay Cell

The fully differential delay cell is based on the common source differential pair. The
tail current source can provide good common-mode noise rejection performance, and
reduce the influence of harmonic distortion [66]. The pseudo-differential delay cell
consists of two independent inverters followed with an inverter based latch. The input

voltage range can reach a rail-to-rail range, and has larger common-mode gain [66,

24



Literature Review

67]. Therefore, the pseudo differential delay cell has been widely applied in low power
design. However, the large voltage swing requires enough current to charge and

discharge the gate capacitance which limits the speed of implementation.

Another widely used technique to suppress the phase noise in the RO-VCO is injection
locking [68, 69]. The principle of injection locking is to couple a secondary frequency
which is slightly different to the primary frequency. When the coupling is strong
enough, the secondary frequency is pulling the primary frequency to achieve identical
oscillation frequency. A ring oscillator with injection locking can be modelled as fig.
2-10 (a) and a pseudo differential delay cell with injection locking is shown in fig. 2-
10 (b).

Winj +¢ * 2 Wout + 3

(a) (b)

Fig. 2 - 10 (a) Model of Injection in a Ring Oscillator (b) Pseudo Differential Delay Cell
with Injection Locking

Because of the slightly different initial phase, the output frequency Wout 0ccurs with a

phase shift 6 due to the injection frequency Win;.

p+0=20 (2.9)

Where ¢ is the phase of injection frequency and @ is the induced phase shift of the
ring oscillator. According to [70], the relationship between the phase shift at output 6

and the injection intensity (S) is given as (2.10)

tan(6@ — @) = Ssinb,S = linj (2.10)

osc

Since the injection frequency Win; has a slight frequency difference to the desired

frequency, assume Win; is at an offset Aw with respect to the carrier frequency W,

Winj = W, + Aw (2.11)
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Where Aw is defined as (2.12).

_Wog¢; — Wode
AW—ZQSSlnG, Q= S 7w (2.12)

when I, < Iy, lock range is given as (2.13)

w, = ;V—(‘Q’S (2.13)

According to (2.11) and (2.13), the injection frequency range that allows the oscillator

to be locked can be estimated as (2.14)

Wo =W S Wipj S W, +wg (2.14)

The power of the noise shaping can be calculated by using Leeson’s equation that is
presented in [69], in which the noise function within the offset frequency is expressed
as (2.15)

[~ (iw, + AW))|2 =1 (ﬁ)z (2.15)

4Q2 \Aw

Where Y indicates the output signal while N is the noise signal that is input to the ring
oscillator. Therefore, when the injection frequency of ring oscillation is set within the
lock range, the noise function can be rewritten as (2.16)

2
|§ (jWinj)| — Siz (2.16)

As (2.16) indicates, the power of phase noise of oscillator is inversely proportional to
the power of the injection intensity (S). Therefore, the phase noise in RO-VCO can be

improved with strong injection [69, 70].

As addressed previously, the large voltage to frequency gain Kyco makes the RO-VCO
vulnerable to the noise which results in inherent poor phase noise performance. In [58],
it is demonstrated that the in-band noise power of the PLL is proportional to the
changes of K. Moreover, large Kveo in the PLL amplifies the influence of process
and PVT (pressure, volume and temperature) variations [64]. Therefore, much
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research has focussed on reducing the sensitivity by scaling the gain of the VCO. In
[71] and [72], a dual-tuning method is introduced. However, the frequency tuning
range is limited to only several hundred MHz. In addition to this, a digital switching
method accompanying dual frequency tuning is presented in [64]. The proposed

scalable Kyco with linear tuning delay cell is shown in fig. 2-11.

A latch bank is embedded within an NMOS transconductance pair, loaded with a
PMOS diode pair. The output impedance is linearly varied through the PMOS diode,
and is inversely proportional to the changes of Vcoarse. The function of scalable Ky is
achieved by digitally selecting latches in the latch bank to connect with the delay cell.
The output frequency band is regulated by Vcearse, and in each frequency band,
different Kyco can be selected, via the number of digital control bits. However, the scale
resolution of Ky is different in different frequency bands even with the same digital
control signals. On the contrary, to increase the resolution of scalable Kyco, more digital
bits are required with the increased number of latches which will certainly degrade the
achievable frequency of the VCO. Moreover, the RO-VCO involved with digital
control certainly needs a digital conversion circuit in the PLL which increases the

complexity in designing the PLL.

Vcoa rse
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Fig. 2 - 11 Diagram of Scaling Kvco Delay Cell [64]

27



Literature Review
2.4 Conventional Phase Locked Loop (PLL)

If we say that the VCO is the ‘heart’ of the clock generation system, then the PLL is
the ‘body’. To increase the stability and controllability, all the VCOs are required to
operate in a PLL loop. A typical PLL topology is illustrated in fig. 2-12.

Phase Detect/Phase _ Voltage Controlled
Frequency Detect Loop Filter Oscillator
1:ref fosc
——|  PD/PFD » LF f—— —
Phase Tuning
—x Difference Voltage
div
1/N <

Frequency Divider
Fig. 2 - 12 Linear Model of PLL

A single loop PLL system basically consists of four building blocks, a phase detector
(PD) or phase frequency detector (PFD), a loop filter (LF), a voltage-controlled
oscillator (VCO) and a frequency divider (1/N). To explore the functionality of the
PLL, within each clock cycle, the phase difference between the reference frequency
(fref) and the divided frequency (f;,) is compared by the PD/PFD. Then the phase
error will be filtered by the LF block to generate a control voltage signal to the VCO.
After that, the VCO will depend on the control voltage to adjust the corresponding
output frequency (f,s.) simultaneously, and meanwhile, f,. is forwarded to the
frequency divider with a programmable dividing ratio (N) and hence creates f;;,, and
the feedback signal to the PD/PFD to form a loop.

241 Typel PLL

The conventional PLL can be categorized into two typical structures, the type | and

type II.
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Fig. 2 - 13 Operation of XOR Phase Detector

The type | PLL is also called the XOR PLL, as the phase detector used in the loop is
an exclusive OR gate. Fig. 2-13 indicates the function of the XOR phase detector. As
can be observed from this diagram, the width of output pulse is proportional to the
phase difference between the two input signals. Therefore, the maximum phase
difference (A@) occurs when the two inputs share one half cycle () phase shift.
Thereby (2.17) can be obtained.

Vepour = VDD % = Kpp - AQ, Kpp = % (2.17)

where Kp, is defined as the gain of the phase detector. When the output pulse is 50%
of the duty cycle of the pulse train, the PLL is said to be in lock, where Vppoyur =
VDD /2.

Fig. 2-14 is the block diagram of a conventional type | PLL.

Kr
data@daﬂ E“““““““"E VCO gﬁt
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@dclock:®out/ N

Fig. 2 - 14 Conventional Type [ PLL

29



Literature Review

As it can be seen, the loop filter of type | PLL is just an RC low pass filter. So the

transfer function of loop filter is given as (2.18).

1
Kr = SRC+1 (2.18)

In addition, the VCO operates as an ideal integrator which provides the transfer
function in the form Kyco/s. Therefore, the closed loop transfer function of the type |
circuit is given as (2.19)

KppKrKyco

_ Dour _
H(s)ci0sea = Baata s+1/ - KppKrKpco (2.19)

Substituting (2.18) into (2.19), it yields

KPDKUCO
u _ 2.2
(S) |closed S2NRC+sN+KppKyco (220

From equation (2.20), it can be concluded that the stability of this second order system
depends on different values of the components, R, C, and Kve. The natural frequency
Wy and damping factor C is given as (2.21) and (2.22) respectively from standard

control theory

KPDK'UCO (2 21)

1 1 , N
¢ = 2RCwy, 2 | KppKpcoRC (2.22)

Increasing the values of R and C will decrease the damping factor thereby making the

whole system less stable. However, increasing R and C will also reduce the loop
bandwidth of the PLL, thus improving the filtering performance of the control voltage
of the VCO. Therefore, the design approach of the PLL is to trade-off these parameters.

2.4.2 Typell PLL

Compared with type | PLLs, one of the differences of the type Il PLL is that the XOR
gate is replaced by a phase/frequency detector (PFD) to extract the phase shift between

the divided frequency and the reference.
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Fig. 2 - 15 Schematic Diagram of Phase Frequency Detector (PFD)

The structure of the traditional PFD is shown in fig. 2-15. By comparing the leading
edge of the two inputs, the PFD will generate an UP or DOWN pulse to indicate which

input signal is faster. When both pulses are remained low, it indicates that the loop is

locked.
Charge ™™ =""""""""%
Pump @ i
E lpump E
gdata UP E E KF
data K :D I tlpr ¥ 7TTTTTTTTT VvCO Qﬂm
dclock Pre- ; : ; Kveo/s g
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: TClI i
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Fig. 2 - 16 Block Diagram of Conventional Type Il PLL

Fig. 2-16 shows the conventional structure of a type Il PLL. A charge pump (CP) is
placed between the PFD and the loop filter to convert the frequency/phase difference
from a pulse signal into a current signal. Because of this characteristic, the type 11 PLL
is also called a charge pump PLL. Moreover, as the maximum frequency/phase
difference A@ between the divided frequency and the reference is 2, the charging and
discharging current that is provided by the charge pump (CP) is usually combined with
the phase difference which gives the overall output current from the CP as (2.23)
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I —(-1 I
Ippp 1 = +F Clpum) AQ = Kppp 1 * AD, Kppp | = 25 (2.23)
- 4T - - 21
where Kppp ; is the transfer function of the PFD and CP. Comparing this to the type |
PLL, the type Il PLL has larger acquisition range.

In addition to this, another difference between the type | and the type Il PLLs is the
loop filter. In the type Il PLL, it applies a second order low pass filter, the transfer
function of which is given by (2.24)

SRC,+1
SZRC1C2+S(C1+C2)

Kp = (2.24)

In general, C; is set at about one tenth (or even less) of C1 by experience for stability.

To simplify equation (2.24) by neglecting Ca (i.e. C2 << Cy), it becomes (2.25)

K, = 22Fa (2.25)

SC1

Therefore, the closed loop transfer function of type Il PLL can be obtained as (2.26).

Kprp 1Kyco(1+SRCq)

_ Pout _
H(S)ICIOSEd - Q)data - SZ+S(RKPFII)V_IKVCO)+KPFI€&IKVCO (226)
1

Consequently, the natural frequency wn and damping factor ¢ is given as (2.27) and

W = Kprp 1Kvco _ [TpumpKvco (2.27)
n NC; 21NC, '
w R |I KycoC1
{=npe, =R [lpumpfico®s (2.28)
2 2 21N

Compared with the damping factor provided by a type | PLL, the advantage of the

(2.28) respectively.

type Il PLL is that increasing R and C will not degrade the system stability.
Furthermore, a large loop bandwidth will improve the immunity to ripple fluctuation

on the VCO’s control voltage. However, in a practical implementation, the on-chip
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capacitor cannot be set big enough. Not only does a large on-chip capacitor occupy
too much chip area which makes the signal wiring and integration more complex but
also it may cause metal density violations of design rule, especially for more advance
CMOS process nodes. Although active loop filters have been employed to scale down
the large area cost of an on-chip capacitor, the active noise that is induced by an op-
amp limits the usage of this approach [73, 74]. As for digital loop filter, it suffers from
quantization noise due to limited frequency resolution [75-77]. In that case, the factor
of lpump can be used to trade-off the system stability and loop bandwidth. By this reason,
the feature of adaptive bandwidth has been applied to many state of art type 11 PLL
designs, such as the work presented in [78-81]. In [79] for example, the charge pump
current is proportionally scaled with the VCO’s regulated control current Ipias, While
the R of the loop filter is inversely varied with Ipias. Moreover, other PLL that
incorporated with adaptive biasing function is proposed in [80, 81]. Using this
approach, the charge pump current is linked to the reference frequency and the small
signal resistance of a diode-connected PMOS. Compared with the type | PLL, the type
I1 PLL is more attractive to the designer when used in clock generation system.

2.5 Alternative PLL Topologies

Based on the two conventional PLL topologies, other different types of PLL
architecture have been developed to accommodate different types and characteristics
of VCO and to improve overall system performance. For example, for a wide tuning
range RO-VCO, dual tuning structure is widely applied to reduce the sensitivity of the
PLL to noise generated by the PLL’s building blocks [82]. Moreover, to improve the
in-band noise performance, the injection locking PLL also offers a dual control
structure which combines a conventional charge pump PLL with an additional loop
for providing injection pules [83, 84]. In this section, different types of PLL topologies

are introduced.

2.5.1 Dual Tuning PLL

In the most state of the art PLLs, the dual tuning structure has been widely applied,
especially when used with an RO-VCO. The key principle of dual control is create
two control paths within the PLL, each path taking charge of a separate control

function to the VCO. One topology shown in fig. 2-17.
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Fig. 2 - 17 Topology of Dual Control PLL

The most traditional usage incorporates dual-tuning of the VCO, either controlled by
regulated power supply [85] or by an additional fine control signal with a Gm-C
integrator or analogue filter in the path [82, 86, 87]. In [87], a dual-control PLL
structure with an analogue Gm-C integrator on coarse tuning path is discussed. The
fine control path consists of a type Il PLL, the structure of which is shown in fig. 2-
18.
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Fig. 2 - 18 Conventional Dual-tuning PLL with Analogue Filter

To provide enough phase margin for the operational transconductance amplifier(OTA)
that is used in the filter, the load capacitor has to be large enough to make the
bandwidth of the coarse tuning path extremely narrow, where the bandwidth is roughly
10 to 100Hz as reported in [88], or alternatively to make the Kyco on the fine control
path small. However, either of these methods will lead to stability problems. Therefore,

a digitally stabilized method is applied to the dual tuning PLL [49, 87]. The analogue
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integrator in the coarse tuning path is replaced by a digital integrator and a digital-to-
analogue converter (DAC). Although it removes the challenge of designing the
analogue filter and saves considerable chip area, the quantization noise is unavoidable
as faced by all the digitalized PLLs. Moreover, the power consumption is greatly

increased as well as the system complexity due to additional digital circuits.

In additional to the traditional dual-tuning PLL architecture, injection locking
techniques are also widely applied with dual control PLLs [53, 83, 88-91]. As
introduced in section 2.3.3 (fig.2-10(b)), a pulse transistor is placed within a pseudo-
differential delay cell which provides the dual control functionality to the VCO.

Therefore, the conventional injection locking PLL is shown in fig. 2-19.
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Fig. 2 - 19 Conventional Injection Locking PLL

The injection pulse is generated from another path by a pulse generator. According to
[88], the relation between injection frequency and output frequency of the VCO can
be written as (2.29)

fing =122 (2.29)
Where N is the injection ratio between injection frequency and output frequency.
Therefore, the clock edge of the output frequency is calibrated periodically every N/2
cycles to correct the static frequency shift of the VCO. Within the injection locking
range, the phase noise of the PLL is constrained to £L;,; + 20log;q N, where L;,,; is
the initial noise floor of injection signal. However, although the injection locking PLL
is effectively supressing the phase noise when loop bandwidth is set within the
injection locking range [88], the real-time frequency drift is hardly prevented due to
the existence of PVT variation in reality [52, 53]. In addition, the structure that shown
in fig 2-19 may also suffer from timing issues, as the phase correction for the VCO is
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controlled by two independent paths [83, 90, 91]. In [90], a pulse positioning circuit
is inserted into the injection path as timing control. The pulse-position-modulation is
achieved by a voltage control delay chain. By varying the control voltage, the arrival
position of the injection pulse to the VCO is dynamically regulated to compensate the
timing delay from the PLL path. There is also other work [84, 92] that tries to re-time
the injection signal by applying sub-sampling PLLs or using an adjustable timing

phase/frequency detector (PFD).

Apart from the dual tuning RO-VCO based PLL, the double control structure is also
applied with some LC-VCO based PLLs [82, 93, 94]. We know that dual tuning
topology is helpful to provide a moderate gain Ky for an RO-VCO. However, for
LC-VCOs which have relatively low gain, the serious disadvantage is that additional
digital circuitry is required to select ring VCO tuning curves before the PLL starts to
operate [82]. Therefore, in [93], a dual control LC-VCO PLL is presented with a digital
tuning path for swiftly selecting the suitable tuning range by a bank of digitally
switched capacitors, while the analogue tuning path is used for accurate output

frequency.
2.5.2 Multiple Loop PLLs

Multiple loop topology is another alternative approach that is widely applied in PLL
design. Compared with dual-tuning PLLs, multiple loop PLLs implement more paths
within the system, which to some extent increases the overall system complexity, but
the advantage is that the multiple loop structure also brings more functionality to the
PLL which allows the designer to better trade-off the performance between phase
noise and settling time [95]. Several topologies of multiple-loop PLLs are displayed
in fig. 2-20.

In fig.2-20(a), two PLLs are connected in a cascaded structure, to which the reference
frequency for PLL2 is provided by the output of PLL1. As for fig.2-20(b), a single-
band mixer is used to merge the output frequencies from PLL1 and PLL2 while PLL1
is used to create a controllable frequency and PLL2 provides a fixed carrier frequency.
This structure is usually found in wireless transceiver systems [96]. However, the
drawback of using mixer is that an undesired disturbance is created at the output of
PLL. Moreover, due to the limited dynamic range of mixer, the PLL can only operate
in a narrow frequency band. As for structure (c) and (d), the mixer is placed inside the
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primary loop, thereby, spur power can be degraded by the low-pass filter and the
frequency divider. The structure in fig.2-20(c) and fig.2-20(d) can be found in [96]
and [97, 98] respectively.

mixer

f ref f ow f""ﬂ j .mu
PLLl}—»{PLI2}—> —|PLLI1 —»(%)—»
j p—
(a) (b)
fl'f
ﬂ fnul
PLL1 |
—
mixer

(d)
Fig. 2 - 20 Several Topologies of Multiple-loop PLL

In [88], a multiple loop structure of fig.2-20(a) is used using two cascade injection
locking PLLs. As seen in fig.2-21, PLL2 is sub-injection locked to the output from
PLLZ1, which is also injection locked to the reference frequency. Inaddition, two pulse
generators are independently creating injection signals at the rising edge of the inputs
to each PLL. Using this structure, the output frequency is realigned every N cycles
where N is the injection ratio in PLL2. However, it requires two delay units to
compensate the mismatch of timing due to the independent path, which adds a delay
that has to be large enough to tolerate the PVT variation. Furthermore, the injection
pulse can only be applied on the rising edge in order to avoid the jitter induced by duty

cycle distortion.

In addition to the examples discussed so far, some works also tried to avoid using
mixers in multiple loop PLL structures fig.2-20(c) and fig.2-20(d) by employing sub-
sampling techniques [60, 99, 100]. Instead of isolating paths of the PFD and the CP,
they try to isolate the dividing path. However, the drawback of the sub-sampling PLL

is that the locking range is quite narrow [87].
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Fig. 2 - 21 Multiple Loop PLL with Cascaded Injection Locking

Fig.2-22 shows a multiple loop PLL using two identical VCOs that is sharing the same
control voltage [52, 53, 101-103]. The main VCO is a type of injection-locked circuit
and is responsible for generating the desired output frequency. The replicated VCO is
embedded within a PLL loop to continually monitor the instantaneous frequency drifts
and dynamically adjusts the control voltage. However, this frequency calibration will
cost same amount of power in the replicated VCO as in the main VCO. Moreover, an
avoidable drawback is the mismatch between those two VCOs, which limits the

precision of the frequency calibration [83].
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Fig. 2 - 22 Multiple Loop PLL with Two Identical VCOs
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2.5.3 Multiplying Delay Locked PLL

An alternative PLL architecture to generate clock signals with better suppression of
phase noise is to use the delay-locked loop (DLL). Fig.2-23 shows the block diagram
of a typical DLL. Compared with the PLL structure, the DLL replaces the VCO by a
voltage controlled delay line (VCDL).

—> Loop
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clocke . PFD CP Filter

lvtune
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clockoyt
>

Fig. 2 - 23 Block Diagram of Typical DLL

The phase of output frequency is varied by the delay. Although the DLL can
significantly improve the random jitter of the clock, additional circuitry is still required
to guarantee the correct operation [52]. References [103-105] integrate a DLL

structure within a multiple loop as presented in fig. 2-24.

—>»| Pulse Generator fm—j¢ Main IL-VCO
fout
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> DLL ¢

Replica. Delay Line

Fig. 2 - 24 DLL with Multiple Loop

As it can be seen from fig. 2-24, the replicated VCO in fig.2-22 is replaced with a
voltage controlled delay line (VCDL). Meanwhile, the VCDL and the main injection
locking VCO is sharing the same control voltage. As the delay cell that applied in
VCDL and VCO is identical, the unit delay of individual delay cell is the same once
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the DLL locked. Instead of calibrating the frequency drift of the VCO, the DLL defines
the output frequency by the unit delay time and the number of delay cell that used in
the VCO. Therefore, the output frequency of DLL becomes independent to the PVT
variation. However, the mismatch issue between the VCDL and the VCO still exists

which requires additional calibration step.
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Fig. 2 - 25 Multiplying Delay-locked Loop (MDLL)

Fig. 2-25 shows a multiplying DLL architecture (MDLL) which is presented in [106-
109]. The input to the VCDL is selected from a multiplexer controlled by additional
logic circuitry. Therefore, by changing the input to the VCDL, the output clock edge
of the DLL is substituted periodically between the clock edge of VCDL and the clean
edge of the reference frequency. In previous work [106, 109], the MDLL has proved
to be able to provide better jitter performance. However, in the high frequency scenario,
the substitution of the high-speed VCO’s will consume relatively large power because
of the digital logic and frequency divider. Consequently, the MDLL is limited in
frequency bandwidth.

2.5.4 PLL-based CDR

At the receiver of either an electrical link or optical link, the received data is both
asynchronous and noisy. For subsequent processing, the timing information must be
extracted from the data stream for synchronous operation. Moreover, the data needs
to be retimed in order to remove the accumulated jitter during transmission. Therefore,
the clock and data recovery (CDR) plays a significant role in the receiver and is

necessary for clock extraction and data retiming. The conventional CDRs are
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commonly based on the structure of the PLL, which also includes a phase detector
(PD), charge pump, loop filter and VCO. Apart from that, the recovered data is
synchronized by a D-type flip-flop (DFF) which is clocked by the extracted clock
signal. Fig. 2-26 depicts the traditional CDR topology.

Loop
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CKout

|| Phase Detector VCO

\ 4
\ 4

Retiming Logic
Data;, >

Dataout

Fig. 2 - 26 Traditional CDR Topology

In contrast to the typical PLL, the input to the CDR is the received and amplified
random data, which requires the PD to have a wide locking range to tolerate multiple
data rates. There are two basic types of PD that have been commonly applied to CDRs

which are the Hogge PD and the Alexander PD (also called the bang-bang PD).
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Data;,
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Fig. 2 - 27 (a) Hogge PD (b) Alexander PD (Bang-Bang PD)

As shown in fig.2-27(a), the Hogge PD is composed of two DFFs clocked by both
rising and falling edge of the clock and two XOR gates. Path Y produces proportional
pulses in relation to phase difference between input data and the clock while path X
produce reference pulses with half clock cycles” width (Tck/2). To correct sampling
data information, the clock’s edge should be placed at the middle of the data which
means the proportional pulse has to have equal width to reference pulse under locked
conditions. However, due to existing propagation delay in the DFF, additional delay
circuitry is required to compensate the timing either in the proportional path [110] or
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the reference path. As for the Alexander PD (bang-bang PD) which is illustrated in
fig.2-27(b), the principle of bang-bang PD is that the random data is sampled three
time by three consecutive clock edges, and the transition of the data can be detected.
Meanwhile, by passing the detected transition of the data through XOR gates, the edge
information can be determined whether clock leads or lags the data. In recent work
[111-114], bang-bang PD has been widely used in high-speed applications. However,
one of the drawback of bang-bang PD is that the linearized modelling analysis of CDR
using bang-bang PD is not possible because the characteristic of bang-bang PD is a
discrete model, which means the edge of the sampling clock can only approximately
approach to the middle of data where is best spot of sampling [115]. Therefore, a slight
phase error always existed even after PD locked.

As for a functional CDR architecture, it must include frequency and phase acquisition
to guarantee locking despite PVT variation of the VCO frequency. Moreover, the
recovered data should be retimed inside the PD to avoid systematic skew. The
conventional PLL-based CDR that is presented in [113, 114, 116] is depicted as fig.2-
28.
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Fig. 2 - 28 Conventional PLL-based CDR

Due to the limited capture range of the PD and to avoid false locking to harmonic
oscillation frequencies, a PLL loop is employed to initialize the VCO and lock to the

correct operating frequency [110, 116, 117]. First of all, the CDR enables the
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frequency acquisition to approach the desired frequency range. Once the frequency
error drops to a sufficiently small value (within the capture range of the PD), a lock
detector is activated and disables the frequency acquisition loop. Meanwhile, the phase
tracking loop takes over to lock to the data. However, such structures face a transition
disturbance when switching from frequency to phase acquisition which may lead to a
large jump in phase and fall out the capture range of the PD. In addition, an accurate
and adjustable reference clock is required for frequency acquisition which complexes
the implementation of the CDR [110]. Therefore, a reference-less CDR structure has
been realized in recent papers [110, 118]. The PFD used in the PLL loop is replaced
by a frequency detector (FD) which provides a DC level (after integration by a loop
filter) and drives the VCO approaching the input data rate. By using this structure, the
external reference clock is removed. It should be noted that for the structure shown in
fig.2-29, the FD and PD path are sharing a single control line to drive the VCO.
Therefore, the fluctuation of the control voltage of the VCO needs to very small to
avoid too much frequency drift and failure to lock, which is especially true for the RO-
VCO. In [118-120], a digital FD path is implemented to extend frequency acquisition
range. In addition, a dual-tuning structure is also employed to separate the coarse
tuning and fine tuning paths to minimize the impact of ripple on the control line [121].
Other dual control CDR architectures can be found in [122, 123].
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Fig. 2 - 29 Full Rate Referenceless CDR
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In addition to those papers, the injection locking technique is also incorporated to
provide dual control CDRs. In [123, 124], the edge information of the input data is
extracted by an XOR delay unit to generate pulses as the injection frequency. Two
identical VCOs are cascaded to purify the clock while the injection pulse is input to
the front VCO. Moreover, the control voltage for the two VCOs is generated by a
reference PLL with a duplicated VCO. However, the mismatch problem still exists
between the cascaded VCO and the duplicated VCO. Furthermore, the other
drawbacks of this structure are system complexity and high power dissipation [122].

On the other hand, there is another aspect that is usually concerned for designing a
CDR. In contrast to the PLL in the transmitter, the CDR at the receiver deals with
random data. Higher data rate demands higher VCO frequency and a faster phase
detector. Therefore, many groups have focused on half-rate or quarter rate CDR design
[112, 118]. In [113], quarter rate PLL-based CDR is presented which can deal with
40Gbps data rate. The same performance can also been found in [112], that integrates
a quarter rate CDR within an optical receiver to accommodates 38Gbps to 43Gbps

input data rate.

2.6 Summary

In this chapter, a review of modern high-speed electrical and optical transceiver
architectures is presented, along with the state of art performance that has been
published in recent papers Moreover, the core modules (VCO and PLL) for generating
a clock signal for these transceivers is also comprehensively reviewed in detail from
the perspective of performance (frequency bandwidth and noise) and topologies

(conventional and alternative).

Obviously, since the high-speed electrical link gradually reaches the channels’
limitation as data rate scales, more challenges are posed to the designer for extending
the circuit bandwidth and providing a high-precision timing circuit. Optical
transceivers provides a potential solution to the issue of I/O’s bandwidth and has been
applied in short reach communication links. To summarize regarding the clock
generation systems in recent publications of high-speed electrical/optical transceiver,

there are two conclusions that can be made:
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1) Traditionally, almost all the clock generation systems (PLL and CDR) in these
transceiver links are based on LC tank VCOs. This is because the LC-VCO has

superior phase noise performance and relatively high oscillation frequency.

However, an inevitable consequence is that the bandwidth is limited by the

narrow tuning range of the clock.

2) For high-speed transceiver systems (both electrical and optical), the clock

speed is usually applied at some sub-rate of the transceiver speed to alleviate

the challenge in designing a clock tree and corresponding buffers which

consume significant additional power. Table 2-1 lists several transceiver

examples that have been presented in recent papers. It can see that the popular

clock speed is usually configured at half or quarter rate with respect to the data

rate of the transceiver.

In contrast, according to the recent papers, the data rate of the transceiver could be

from 20Gbps up to 56Gbps. However, none of the clock generation systems that have

been presented have the capability to deal with such a wide range. Therefore, taking

consideration of multiple protocol compatibility in next generation silicon photonics

transceiver systems, an extremely wide band clock generation unit of over 30GHz

frequency range is necessary.

Table 2 - 1 Examples of Transceiver with Corresponding Clock in Present Research Works

Transceivers’ Clock Jitter
Reference ] Data Rate Clock Type | Clock Speed Area
Avrchitecture (rms)

[4] Optical 40Gbps LC-PLL 20GHz 170fs 0.81mm?
[34] Electrical 38.8-42Gbps LC-PLL 10GHz 319fs 0.63mm?
[39] Electrical 56Gbps LC-PLL 28GHz 508fs 1.14mm?
[41] Optical 20-22Gbps LC-PLL 10GHz - 44.8mm?

PLL1:
. Two LC- 21-28.5GHz
[125] Electrical 28Ghps 250fs 0.83mm?
PLL PLL2:
14.5-21GHz
[126] Optical 32Gbps RO-PLL 4-11GHz 642fs 0.003mm?
[26] Optical 28Gbps - 7GHz 350fs 3.6mm?
[127] Electrical 40Gbps RO-PLL 10GHz 3610fs 0.086mm?
[128] Electrical 40Gbps LC-PLL 10GHz 230fs 0.6mm?
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Chapter 3 Ultra-wide Tuning Range

CMOS Ring-based VCO with

Inductor Peaking

3.1 Introduction

Two types of voltage controlled oscillator (VCO) are used in various analogue and
digital applications. Traditionally, all the clock generation systems [Phase-locked
Loop (PLL) and Clock Data Recovery (CDR)] in high-speed transceiver are
dominated by a LC (inductor-capacitor) tank VCO, which benefits from its inherently
excellent phase noise performance and relatively high oscillation frequency. However,
one significant drawback of LC-VCO is its relatively small tuning range. On the
contrary, a ring-based VCO (RO-VCO) is considered as an opposite solution due to

its features of wide tuning range.

In this chapter, we take an innovative approach to combine the advantages of LC-VCO
and RO-VCO and propose a new VCO structure incorporating a peaking inductor to

achieve both high oscillation frequency and wide frequency tuning range. This chapter
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starts with the explicit analysis of the conventional RO-VCO, from which a new RO-
VCO circuit topology is proposed. To validate the functionality of the proposed new
design, four design examples are fabricated at two different CMOS process nodes,
IBM 130nm and TSMC 65nm.

3.2 Analysis on Bandwidth Enhancement of VCO

It is well-known that any ring based oscillator must satisfy two of Barkhausen’s
criteria for oscillation (introduced in Appendix A.1), namely, the phase shift around
the total feedback loop must be a multiple of 360 <at its oscillation frequency and the

magnitude of the loop gain at that frequency must be unity.

Ve

&

Therefore, for a typical three-stage RO-VCO as shown in fig.3-1, each delay cell can

Fig. 3 - 1 Typical Three Stage RO-VCO

be treated as a common source amplifier, its transfer function is given as (3.1)

H(s) = ot =
The capacitance C denotes all the capacitance associated at the Vout node, and a
variable resistor Res is used to represent the effective resistance of the transistor Mo,
whose gate voltage is controlled by the external signal V¢ From (3.1), it can be seen
that the 3-dB bandwidth of this amplifier is 1/(2zRe#C), and frequency tuning is
realized by changing the effective resistance Res of transistor M2. In addition to the
variable resistance Ref, the other factor that limits the maximum achievable frequency
of VCO is the capacitance C which includes the gate capacitance and parasitic

capacitance in association with wiring.
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3.2.1 Analysis on Transistor Sizing to Frequency

There are two parameters (C and Refr) shown in (3.1) that can be used to enhance the
achievable frequency. However, the capacitance C is highly depended on the
technology process which has less effects on improving the bandwidth. The Resr, on
the other hand, is decided by the transistor size of M. Equation (3.2) illustrates the

relationship between the sizes of transistor to its corresponding resistance.

L
N HeffcoxW(Vgs_Vth)

Tas (3.2)

With a constant voltage signal V, the Rest can be decreased by increasing the width of
M2z while the length of My is fixed to its minimum value. To demonstrate the effects
of this approach, fig.3-2 shows the curve of transistor sizing to frequency expansion.

The following simulation results are based on 130nm technology process node.

Transistor Sizing to Frequency Expansion

11 T T T T T
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Fig. 3 - 2 Transistor Sizing to Frequency Expansion

Two approaches are investigated which one approach is to increase the width of PMOS
(M) with a fixed width of NMOS (M3). The other approach is to increase the width
of both PMOS (M) and NMOS (M) at the same time. It can be seen that the frequency
increases with a larger transistor width in both approaches. In addition, another result
can be found is that by increasing the width of M2 and keeping M fixed, the frequency
increases faster than that of changing both M1 and M. This is because the capacitance
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of transistor is also increased with a larger width configuration. In terms of My, as the
capacitance C in (3.1) increases, the frequency degrades. However, the increased
capacitance of M has less influence on the frequency. Therefore, from the perspective
of frequency enhancement, approach of only sizing the width of M. is more efficient,
which is the method that is applied in the following design on achieving high

frequency bandwidth.
3.2.2 Analysis on Noise Contribution

As the oscillation frequency is increased, another aspect that cannot be ignored is the
noise contribution of a single transistor. The in-band noise of VCO is mainly
dominated by the flicker noise. The most used empirical model for flicker noise is
given as (3.3)[129]

vz . Kf 1
= Wiy (3.3)

where C,, is the oxide capacitance per unit area, K, is the flicker noise coefficient. It

should be noted that the power density of flicker noise is a function of transistor size,
which means the methodology of transistor sizing has also effects on the transistor’s
noise contribution. In (3.3), the flicker noise can be decreased by increasing the size

of a transistor.

Transistor Sizing to Noise Contribution Comparison
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Size Difference Ratio to Noise Contribution
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Fig. 3 - 3 Noise Contribution Comparison (a) Transistor Sizing to Noise Contribution (b)
Noise Contribution Scaling with Size Ratio

Fig.3-3 (a) shows the noise contribution with scaling the width of M; and M
respectively. As can be seen that My is noisier than My at same transistor size, which
has also been addressed in [130]. In addition, to investigate the overall noise
contribution, the width of M1 is set as constant while only scaling the width of M, in
which the size ratio (Nsie) between My and M: is defined as (Wy/Wh). Fig.3-3(b)
illustrates the overall noise contribution scaling with Nsiz. It can be concluded that the

overall noise level is reduced by increasing the Nsize.
3.2.3 Analysis on Voltage Tuning Range

According to the above discussion, the method of increasing the width of M with a
constant width of M1 is an effective approach on enhancing the achievable frequency
while maintaining a relatively low noise level in terms of a common source RO-VCO.

However, a critical limitation is the voltage tuning range.

Fig.3-4 (a) shows the tuning curve of control voltage and its corresponding oscillation
frequency with respect to different Nsize. As seen in fig. 3-4(a), the voltage tuning range
starts to shrink with increased size ratio Nsize. This is because that the oscillation
amplitude reduces in the higher frequency range. According to the Barkhausen’s

criterion, in order to ensure oscillation, the oscillator should meet the requirements for
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both loop gain and phase shift. In order to give evidence to this assumption, the gain-

frequency response of a single delay stage is investigated with an example of Nsiz=3.
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Fig. 3 - 4 (a) Control Voltage to Frequency Range (b) Gain-Frequency Response with

Nsize=3

Fig.3-4 (b) shows the frequency response. There are two things should be pointed out.

Firstly, as it can see that the gain of a single delay stage is different at different control

voltage V. With the decreasing of V¢, the loop gain at each delay stage is dropped.
Secondly, in [28], it indicates that the total phase shift within a feedback loop must be
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a multiple of 360° and the magnitude of the loop gain at the oscillation frequency must
be unity. For example, in terms of a three delay-stages oscillator, at least 60° phase
shift is required by each delay stage in order to guarantee the overall phase shift of
180°, so it can meet phase requirement of oscillation. In fig.3-4 (b), the loop gain at
60° phase shift is monitored. As result indicates, the loop gain is below 0dB (unity
gain) when V¢ is OV and 0.3V with gain of -4.02dB and -7.59dB respectively.
Compare the gain-frequency results of fig.3-4(b) with the curve (Nsi2=3) in fig.3-4(a),
it can see that the RO-VCO fails to oscillate when V. is below 0.5V.

Therefore, it is critical to focus on improving the amplitude of a RO-VCO in the high

frequency range.

3.3 Common Source RO-VCO with Inductor Peaking

In order to enhance the achievable bandwidth in high frequency range, an optimally
valued inductor is inserted to provide a resonant circuit with the capacitances C. This
technique, known as inductor peaking, is a fundamental technique that is commonly

adopted for high-speed amplifier design [28].

VO ut
VC t L
1 |c
|_| Resf

Fig. 3 - 5 RO-VCO with Peaking Inductor

As shown in fig.3-5, a typical RO-VCO can be modified by inserting an additional
inductor L within each delay cell, with the resulting transfer function given by (3.4)

H(s) = Yot = “ImalRepsoh) (3.4)
Vin SZCL+SCReff+1 ’

According to the characteristics of an inductor, the impedance of an inductor increases
with the frequency going up, thereby, a resonant peak is induced in the high frequency
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range and compensates the amplitude loss of the RO-VCO. By applying the same
method that used in previous section, the voltage tuning curve and gain-frequency

response of the inductive peaking VCO is presented in fig.3-6 (a) and fig.3-6 (b)

respectively.
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Fig. 3 - 6 (a) Control Voltage to Frequency Response (b) Gain-Frequency Response with

Nsize=3
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As can be seen in fig. 3-6 (a), the voltage-to-frequency tuning range is extended in all
different cases of Nsize. However, as the case of Nsiz=4, only part of the tuning range
is compensated and the highest frequency is still lost. This is because, by over
increasing the ratio Nsize between M2 and My, the bandwidth in each delay stage is
decreased due to the increased capacitance C. However, the inserted resonant peak can
only provide a high impedance in a narrow frequency band to compensate the
insufficient amplitude, which lead to an uncompleted tuning. Therefore, for the
practical inductive peaking VCO design, the Nsize should be carefully considered
between achievable frequency and tuning range. In fig.3-6 (b), it can see that a
resonant peak is inserted in the frequency response. Taking advantage of this peak, the

loop gain at 60° phase shift is all higher than unity at different V.

On the other hand, in terms of transfer function, re-organizing (3.4) gives (3.5)

Vou s+2{wy n
H(s) =% = —gmRerr oo s (3.5)

242¢wps+w2 E
where the natural frequency wn and damping factor { are given as (3.6) and (3.7)

respectively

1
Wn = 7= (3.6)

_ Rerr, |
¢=- \E (3.7)

It is interesting to note that (3.6) and (3.7) reveals two important facts that can guide
the design of inductor-peaked RO-VCOs. Firstly, for a fixed damping factor {, the
inductance L is proportional to the capacitance C. Thus for an advanced CMOS
process node, which has smaller gate capacitance, the required peaking inductance
could be reduced proportionally. These results in smaller silicon area with a more
compact design. Secondly, for a given design, the smallest (worst) damping factor ¢
occurs at the lowest value of Res, which is also the point at which the VCOs operate at
their highest frequency. Therefore, decreasing the frequency (frequency-tuning
mechanism) has little negative effect on the loop stability. Furthermore, for practical
implementation of on-chip monolithic inductors, there is usually a concern about the

trade-off between the quality factor Q of the inductor and the physical inductor size.
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We show later in this chapter that the size of the inductor may influence the frequency
range, whereas the Q may dominate the phase noise performance of proposed
inductive peaking RO-VCO.

3.4 Inductive Peaking VCO Design Application

3.4.1 The Research Purposes of Implementation

To demonstrate the ultra-wide tuning range and validate the theoretical analysis of
proposed inductor peaking VCO, four design examples were implemented and
fabricated at two different technology processes. Two research targets have been
investigated by using these four examples:

1) Inductor peaking VCO is more suitable in advanced CMQOS process node.
2) The trade-off among the quality factor Q and the size of inductor and its

corresponding performance regarding frequency range and phase noise.
3.4.2 Chip Level Design

A full chip consists of two blocks that include the proposed inductive peaking RO-
VCO and a 50Q output buffer. The top level circuit is illustrated in fig.3-7 (a).

Inductive Peakin : ;
4 54_50 QImpedance___ :

RO-vCO Output Buffer
Control - Vout
Voltage -"_-I:> T %509 "
(V) b::::k Coaa ]
Silicon Chip
(a)
V Singa!
L T T f Voo g
Ve
Ci v 4| R
2 Rpia Vout
Chiock
(b) (c)

Fig. 3 - 7 Proposed Structure of Design Example (a) Top Circuit Topology (b) Proposed
VCO Structure with Inductor Peaking (c) 50Q2 Output Buffer
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All four design examples are implementing with the same VCO circuit topology that
is shown in fig.3-7 (b). The inductive peaking VCO contains three single-end delay
stages with Nsize set to approximately 3 for the trade-off between tuning range and
transistor’s noise contribution. For better comparison, the width of transistors (M1 and
M) in each design pair are identical, while the length for all design examples are set
to its minimum value. The type of transistor is applied with low-threshold transistor
in order to acquire large transition frequency (fr) and fast switching activity for high-
speed purpose. The key parameters of those examples are listed in table 3-1.

Additionally, a self-basing 50Q output buffer (fig.3-7(c)) is integrated with core VCO
design for the purpose of test. An on-chip DC blocking capacitor was placed between
the VCO and buffer to reset the DC operation point of the output buffer, and dummy
loads were inserted to ensure that each delay stage in the VCO had a similar load, in

order to avoid the influence of unbalanced oscillation in practical measurements.

Table 3 - 1 Key Parameters of Four Design Examples

IBM 130nm 8RF CMOS | TSMC 65nm LP CMOS
VCO-1 VCO-2 VCO-3 VCO-4
VDD (V) 15 15 1.2 1.2
Mz (W/L) (pm) 22.5/0.12 22.5/0.12 20/0.06 20/0.06
Mz (W/L) (pm) 72/0.12 72/0.12 64/0.06 64/0.06
Inductance (pH) =590 =420 =350 =350
Peak Q 18.3 7.2 21.5 12.5

On the other hand, the key difference among those four design examples is the
inductors realized in VCO-1/3 only use the top ultra-thick metal layer whereas the
inductors realized on VCO-2/4 use stacked inductor structure on inner thinner layer,
which results in a lower quality factor Q and smaller silicon area. The design
methodology of inductor modelling is described in Appendix E. As illustrated in fig.3-
8, the stacked inductor occupies less than one-third of silicon area compared to
inductor used with VCO-3, although the cost in performance is a relatively lower Q
factor. Moreover, it can been seen from the table 3-1, with the less gate capacitance,
the required inductance used in 65nm process (VCO-3/4) is less than that used in
130nm process (VCO-1/2).
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Fig. 3 - 8 Layout View of the Inductors used with (a) VCO-3 and (b) VCO-4
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Fig. 3 - 9 Microscope View of the Proposed Four RO-VCO (a) VCO-1 (b) VCO-2 (c) VCO-
3 (d) VCO-4
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Mircrographs of the four design examples are shown in fig.3-9. It can be seen that the
VCOs realized in the 65nm process node have much smaller silicon area than the
corresponding designs realized in 130nm process node. This is consistent with the
theoretical prediction that the value of peaking inductor should be smaller in the
advanced process node. In addition to this, the area of the VCO with a stacked inductor
(VCO-2/4) is also much smaller than the VCO with thick metal layer inductor (VCO-
1/3), which results in shorter signal track and less layout complexity.

3.4.3 Testing and Experimental Results
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’
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Design Examples
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130nm Process
Node

Fig. 3 - 10 Testing Bench for Four Design Examples

As shown in fig. 3-10, all four design examples are applied with the same testing bench.
The bare silicon die is mounted on a FR4 printed circuit board (PCB). Bonding wires
are used for DC signal connections between silicon chip and PCB. The output
oscillation frequency is directly detected by an RF probe which then is fed into a
Keysight E4446A spectrum analyser. In addition, to power the chip, two power signals
and a control voltage pass through the PCB separately by an on-board low pass filter,
which the filtering bandwidth is set to several KHz. The power signals are provided
by a Keithley-6487 power source. For the design examples on 130nm process node,
the power supply is 1.5V while 1.2V power supply is applied for the designs on 65nm
process node. The control voltage in 130nm and 65nm designs is scaled from 0 to 1.2V
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and 0 to 1.0V respectively. In order to minimize the impact of integration, multiple

bonding wires are attached at each DC pad.
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Fig. 3 - 11. The Spectrum of Highest Oscillation Frequency of (a) VCO-1 (b) VCO-2 (c)
VCO-3 (d) VCO-4

The measured power spectrum of the highest oscillation frequency from each of the
four design examples are shown in fig.3-11.The highest frequency obtained in 130nm
process is 12.4GHz while the highest frequency in 65nm process is 25.07GHz. It can
clearly be seen that, with the same circuit topology, the achievable frequency is
dramatically improved at more advanced process node. This is benefited by the less
gate capacitance and smaller layout area, Moreover, with the premise that identical
transistor sizes were used in each pair of design examples, it is reasonable that they
should have similar frequency-voltage tuning range characteristics. However, as
highlighted in fig.3-11 (c) and fig.3-11 (d), there is a considerable difference when
comparing the highest oscillation frequency of VCO-3 and VCO-4. The reason is that
the large inductor used in VCO-3 extend the signal wiring between each delay cell.
This introduces a considerable additional parasitic capacitance, while the stacked-

inductors used in VCO-4 reduce this impact. This implies that using a stacked-inductor
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not only reduces the overall silicon area, but can also benefit the tuning range of the

proposed VCO by having an intrinsically lower parasitic capacitance.
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Fig. 3 - 12 Measured Frequency Tuning Characteristics

In summary, the measured voltage-frequency tuning characteristics of each design
examples are shown in fig.3-12, with the power consumption highlighted at the
extremes of the tuning range. Using the measured results, the linearized gain of VCO
(Kvco) can be obtained by (3.8)

Kyeo = fosc‘_/max:i os'c_min (3.8)

‘max—Vmin
As example of VCO-4, the tuning range covered over 3 octaves and the linearized
Kvco is approximately 24.8MHz/mV. Theoretically, the large Kvco is easily causing
great frequency variation due to the fluctuation on the control voltage. This fluctuation
could possibly be varied over hundreds mili-Volts. Therefore, it requires another
approach that can minimize the impact of the large Kvco, and this will be introduced

in later chapter.

As shown in fig.3-13, the measured phase noise results of each design examples at its
corresponding highest oscillation frequency are plotted. In addition to this, the phase
noise performances of VCO-4 at its middle and lowest oscillations frequency are
provided. Several low pass filters are placed on the PCB to clean the power source,
although some environmental interference can still be observed at several hundred
KHz.
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Fig. 3 - 13 Measured Phase Noise Results of Each Design Examples

Two conclusions that can be obtained from these measurements.

1) When tuning the oscillation frequency, phase noise performance does get
slightly worse in the middle range, which is due to the fact that the inductor
has a smaller quality factor Q at this lower frequency range.

2) It can be observed that both VCO-1/3 (bigger size inductor) show better phase
noise performance than their counterpart VCO-2/4 (smaller inductor size),
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which is because inductors used in VCO-1/3 have higher quality factor Q than
the inductors used in VCO-2/4.

In order to evaluate the performance of all four design examples and compare the
results with recentlypublished works, a standard approach is using Figure of Merits
(FOMs), which can be illustrated by (3.9)[64]:

FOM = —PN(f,ss) + 20 log

— 10log

fosc
off

Ppc FTR
F + 20 logl—0 (3.9)

1mw

where PN represents the phase noise at the offset frequency (foff), Ppc is the consumed

power and FTR is the frequency tuning ratio which is given as (3.10)

FTR — fosc_max_fosc_min
(fosc_max+fosc_min)/2

(3.10)

As it can see from (3.9), the FOM evaluates the performance from the aspects
including the frequency tuning range, the power consumptions, phase noise with
respect to the oscillation frequency and offset bandwidth. In these parameters, the
phase noise results (PN) dominates the significant effects on the overall performance.
For instance, every 1 dBc/Hz improvement in phase noise equivalent to decrease the
power consumption by about 8mW and increase the FTR by about 24%. However, the
trade-off is that with increasing the oscillation frequency, the phase noise is getting
worse. Therefore, in order to obtain a better FOMs and maximum the advantage of
inductor peaking VCO, a careful consideration is necessary on trade-off these
parameters. On the other hand, it also should be noted that there is another parameter
not be considered by the standard calculation of FOMs in (3.9) which is the area of
the layout. Given that perspective, these four design examples give an investigation

on comparing the area cost of the inductor to the overall performance.

Table 3-2 is the performance summary and comparison based on FOMs in (3.9). As it
illustrates, all four VCO design examples demonstrate a considerably better
performance when compared with the results shown in recent publications. Although
these two small VCO examples indicate less FOM value compared with their design
pairs, one parameter that cannot be ignored and has not be considered by FOM (3.9)
is the area cost. The smallest design (VCO-4) only occupy 0.0085mm? silicon area,

and this advantage will be more obvious in ultra-small process nodes (<40nm).
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Table 3 - 2 Performance Summary and Comparison

Tuning PN
Reference | Process FTR | Poc(mW) FOM
Range(Hz) dBc/Hz@f ot/ fosc(HZ)

[64] 65nm 2G-8G 120% 6.4 -101@1M/4.2G 187
[131] 130nm | 0.5G-9.5G 180% 9 -85@1M/5G 172.3
[54] 130nm 1G-9.4G 161% 3.7 -112@10M/6G 186
[132] 130nm | 1.8G-10.2G | 139.4% 5 -88.4@1M/5.56G 179.3
[133] 180nm | 10G-13.5G | 25.6% 2.4 -104.5@1M/12.7G | 188.2

0.25G-

VCO-1 | 130nm 192% 44.7 -112.7@1M/12.4G | 203.7
12.4G
0.36G-

VCO-2 | 130nm 189% 375 -103.3@1M/11.89G | 195.3
11.9G
0.12G-

VCO-3 65nm 198% 28.1 -97.32@1M/23.7G | 196.3
23.7G

VCO-4 65nm | 0.25G-25G | 196% 29.9 -95.6@1M/25.07G | 194.7

3.5 Summary

In this chapter, a new type of ring-based voltage controlled oscillator (RO-VCO)
incorporating with peaking inductors technique is firstly presented, in order to break
through the bandwidth limitation in typical RO-VCO. The principle of this idea is that
the inserted inductor and associated capacitance within the structure forms a resonant
peak in the high frequency range to expand the bandwidth. In addition to this, four
design examples have demonstrated the feasibility of this topology and validate the
proposed design in two different technology processes (IBM 130nm and TSMC 65nm).

Three conclusions can be made from the outcomes of these design examples.

1) Experimental results show that the proposed circuit topology can take
advantage of modern deep sub-micron processes, which may be used for clock
generation and other similar applications in future advanced systems. The
results indicate the better figure of merit in the field and the best combination

of frequency and tuning range to the authors’ knowledge.
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2) The stacked inductor have a significant advantage on compacting design area
while comparing with the thick metal inductor, especially in more advanced
process. The stacked inductor not just reduces the inductance but also provides
a smaller inductor area, which can significantly reduce the signal wiring and
decrease the parasitic capacitance to further improve the frequency bandwidth.

3) The quality factor Q of the inductor does influence the performance of the
VVCO. However, there is a trade-off between Q of the inductor and the physical
inductor size. Therefore, for the practical design, it is designer’s decision
which performance they are pursuing for and this trade-off should be carefully

considered.

For the useful future work, it is suggested to use the symmetrical inductor with

differential delay cell and embed it in a PLL design.
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Chapter 4 Theoretical Analysis of Dual-

Loop Triple-Controlled PLL

4.1 Introduction

In the previous chapter, a new ring-based VCO incorporated with inductor peaking
technique was presented, to provide an ultra-wide bandwidth of oscillation required
for silicon photonics optical transceivers. Considering the requirements for stability
and controllability of the whole transceiver, the VCO is required to be used in a phase
locked loop (PLL).

In this chapter, the proposed inductive peaking VCO is embedded into a PLL system
for generating high quality clock signals. Firstly, an analysis of different types of
conventional PLLs with inductor peaking VCO is conducted to investigate the system
compatibility and controllability. Secondly, a novel topology of PLL is proposed to
solve the issues that are exposed by the use of conventional PLL structures. Finally,
the chapter concludes with a comparison of different types of PLL structure and

proposed structure to evaluate their performance.
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4.2 Considerations of Inductor Peaking VCO in PLL

According to the findings from the previous chapter, using the inductor peaking
technique in a ring-based voltage control oscillator is capable of providing not just an
absolute super-high frequency, but also a ultra-wide frequency tuning range, usually
can covered from several gigahertz to tens of gigahertz. The structure of the inductor
peaking VCO that was demonstrated in chapter 3 (fig.3-7(b)) is replicated in a 40nm
CMOS process. The frequency tuning characteristic is displayed in fig. 4-1.
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Fig. 4 - 1 (a) Frequency Tuning Characteristics of Inductor Peaking VCO (b) Nonlinear
Behaviour of the Gain of VCO

The highest frequency reaches to 36.5GHz while the lowest frequency is down to
1.42GHz with voltage scaling from 0 to 0.9V. After control voltage (Vct) passes 0.9V,
the frequency is almost constant. This is because that the Vgs of load transistor in VCO
is less than its threshold voltage, thereby the VCO circuit devices enter into the sub-
threshold region. If it is assumed that within these frequencies that the characteristic
of frequency tuning is approximately linear, the gain of VCO (Kvco) can be obtained
by using (4.1).

- i 36.5-1.42
cho — Jmax—fmin — = 3898GHz/V = 40MHz/mV (4.1)
Vmax—Vmin 0.9-0

With an interference fluctuation on V¢t with amplitude of 1mV, a 40MHz frequency
variation will occur on the output. Observing the fig. 4-1(a), Kvco is varied with the
changes of control voltage if the nonlinearity is taken into consideration. To

approximate the variation of Kvco, it is assumed that the slope is linear every 50mV
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step of V¢t. The calculated gains are shown in fig. 4-1(b). This shows that with scaling
the control voltage, Kvco is varied in a very large range, which is about 38MHz/mV
higher than that of linear model and 36MHz/mV lower. It is therefore necessary to
investigate the above issues within a phase locked loop.

4.3 Investigation of Classic PLL with Inductor Peaking
VCO

4.3.1 Charge-pump PLL with Inductor Peaking VCO

The first example is to examine the inductor peaking VCO with a charge-pump phase
locked loop (CP-PLL), which is a commonly used PLL structure. Fig.4-2 shows the
overall block diagram of CP-PLL. The implementation of PFD, charge pump and
frequency divider are applied with classic structure which is introduced in fig. B-7, fig.
B-12 and fig. B-16 (d) respectively.

Inductor
up Loop Filter Peaking VCO
— > g : Ver R
Jres PFD DoWN Charge Pump [ ;@ > four
A 4 E R '

f feedback

1/96

A

Fig. 4 - 2 Block Diagram of Charge Pump PLL (CP-PLL)

The reference frequency defined for the CP-PLL is 200MHz, therefore, with a dividing
ratio of 96, the expected output frequency from PLL is 19.2GHz. The loop bandwidth
should therefore ideally be less than 20MHz to maintain a stable feedback system. The
closed loop transfer function of the CP-PLL is provided in equation (2.26), therefore,
the open loop transfer function can be obtained as (4.2)

H(S)lopen = KPFD_II.VI_(:KVCO (4.2)
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Moreover, from the perspective of response and stability in a control system, the

system damping factor is set roughly at 1. Hence, the value of R, C; and C; can be

calculated by equation (2.27) and equation (2.28) in chapter 2. Fig.4-3 displays the

bode plot of open loop transfer function.
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Fig. 4 - 3 Bode Plot of Open Loop Transfer Function

In this case, the loop bandwidth is set approximately 20MHz, with phase margin of 64

degree. All the parameter configuration values are summarized in following table.4-1.

Table. 4 - 1 Parameter’s Configuration Values of CP-PLL

Reference Frequency (frer) 200MHz
Charge Pump Current (Iymp) 60A

Gain of VCO (Ky¢o) 40MHz/mV
Dividing Ratio (N) 96
Resistance in Loop Filter (R) 5.2KQ
Capacitance in Loop Filter (Cy, C3) 7pF, 0.4pF
Output Frequency (foust) 19.2GHz
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Damping Factor (Q) 1.07

Natural Frequency (wy,) 9.39MHz

The gain of VCO shown in the above table is assumed to be the value of the linear

model. The output frequency of CP-PLL is obtained in fig.4-4.
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Fig. 4 - 4 Frequency Output of CP-PLL

It can see that CP-PLL has successfully locked within 280ns. However, the output
shows some unexpected fluctuations on the frequency from 18.43GHz to 19.96GHz,
which is about 1.5GHz peak to peak value. In fact, these fluctuations are caused by
the reference spur that passed through the PFD and inherent in-band noise of VCO.
These periodically change with a time interval of 5ns, in relation to the 200MHz
reference source. As shown in Appendix A.3, a reference spur manifest itself on the
control voltage node as a ripple signal, and as already discussed, a slight voltage ripple
will generate a large frequency variation on the output due to the large Kvco of the
inductor peaking VCO. Fig.4-5 displays the period jitter performance of CP-PLL
under current situation. As the histogram illustrates, the standard deviation to the

centre (zero jitter) is about +£636fs, which is equivalent to approximate 2.5%
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variation in every clock period. And it should be noted that the power supply is
completely clean in above simulation results. However, in the practical world, there is

more noise interference on power supply, hence, the jitter performance will degrade

even more.
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Fig. 4 - 5 Period lJitter Performance of CP-PLL

There is another aspect that should not be ignored which is the nonlinearity of the large
Kvco value. With defined main design parameters (including lpump, R, C1, C2 and
dividing ratio N), the characteristic response of CP-PLL should be constant. However,
for switching to different output frequency, the control voltage of VCO needs to make
corresponding changes. Due to the nonlinear behaviour of Kvco, this will result in a

significant variation of the PLL’s performance.

Given that the Eq.(4.3) and Eq.(4.4), the most direct influence is on the damping factor
and nature frequency of PLL. Fig.4-6 indicates the effect of damping factor ( £ ) and

natural frequency (wn) with V¢ scaling.

I K
w, = pumpBvco (43)
27TNC1
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Due to the large Kvco, this nonlinearity cause damping factor varying from 0.34 to

1.52 for different frequency outputs, which will greatly affect the response

characteristic of the system. In addition, according to [28, 95], the relationship

between loop bandwidth (wc), damping factor (£ )and natural frequency (wn) is

explained by (4.5)
40 ——
— 352z
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£ |
=
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Fig.4-7 demonstrates the effect of large Kvco on the PLL’s loop bandwidth (w¢) and

corresponding phase margin in non-linear situations. As seen in fig.4-7(a), the pre-set

bandwidth is 20MHz. However, due to the serious nonlinearity on large Kvco, the loop
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bandwidth of CP-PLL varies significantly (3.25MHz to 35.2MHz) over the full control
voltage. In addition, when it comes to the curve of phase margin in fig. 4-7(b), with
the control voltage between 0.2V to 0.4V and over 0.65V, the corresponding phase
margin is degraded below 60 degree.

4.3.2 Dual-tuning PLL with Inductive Peaking VCO

To overcome the issues that explored in the previous section, a dual tuning PLL
structure is introduced in section 2.5.1, in which the structure can effectively reduce

the sensitivity of the Kvco.

Coarse Tuning Path

> Gm-C
Integrator
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A\ 4
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——>| PFD | oy | Charge Pump > ,\j
7 i’ > R Inductor
ffeedback Peaking VvCO
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Loop Filter

Fout

AAA.
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Fig. 4 - 8 Block Diagram of Dual Tuning PLL (DT-PLL)

Fig.4-8 shows the block diagram of dual-tuning PLL with inductor peaking VCO (DT-
PLL). It should note that the structure of PFD, charge-pump and frequency divider are

still applied with the same circuit that used in charge-pump PLL in section 4.3.1.

The PFD and charge-pump are still using the same structure as the previous CP-PLL
example. The difference is that a Gm-C integrator is added to the original voltage
control node to form a coarse tuning path to VCO, and the original voltage control
node becomes the fine tuning path. The functionality of the integrator can be acquired
by using an operational transconductance amplifier (OTA) with a capacitance load.
Therefore, the control voltage is split into two parts: a coarse tuning voltage (Vcoarse)
and fine tuning voltage (Vsine). Because of the narrow bandwidth of Gm-C integrator
(in this case is set about 200KHz), Vcoarse IS Varying in a very slow rate according to

the changes of Viine. AS consequence, there is more interference noise or leaked ripples
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from charge pump are filtered out of Vcoarse. With Vcoarse moving towards and
approaching the expected frequency band, Viine Starts to simultaneously reflect the
phase difference detected by PFD and becomes the dominate control voltage to VCO.
Therefore, the dominate gain of DT-PLL for settling is the gain on the fine control
path.

To adjust VCO with this characteristic of DL-PLL, two control voltages are involved
within inductor peaking VCO to realize the function of coarse tuning (Vcoarse) and fine
tuning (Vsine). The sensitivity of coarse tuning and fine tuning can be varied by the
transistor size ratio between M1 and M. In this case, the size of Mz is set four times
bigger to that of M to allow a large difference of sensitivity between coarse tuning

and fine tuning. The structure of dual-tuning VCO is shown in fig.4-9.

° VDD

VDD
T Vcoarse
= fout
J, A
Vcoarse .................
Vfine --------------

Fig. 4 - 9 Applied Structure of Dual Tuning VCO

By applying the structure in above figure, frequency tuning characteristic for both
coarse control and fine control can be acquired, and they are illustrated in fig.4-10.
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In fig.4-10(a), which is the response of the coarse tuning voltage to frequency, the
overall gain is still very large and suffering from nonlinearity. But as seen in fig.4-
10(b) which is fine tuning response (the depicted curve of fine tuning are obtained
when coarse tuning voltage sets to OmV, 200mV, 400mV, 600mV, 800mV
respectively), it is clear to find that the frequency varying on each tuning curve is small,
which means the gain of each fine-tuning voltage has a dramatically reduced
comparing to that of coarse tuning. Therefore, theoretically speaking, the immunity to
the fluctuation of DT-PLL should be improved compared with CP-PLL. To prove this
prediction, the same investigation is made to DT-PLL. The same reference frequency
(200MHz) and dividing ratio (1/96) are applied, which provides the output frequency
0f 19.2GHz. In addition, the Ko fine Can be realized with a known Veearse. As indicated
in fig.4-10(a), the Vcoarse is 390mV for providing the output frequency of 19.2GHz,
which the corresponding fine tuning characteristic is plotted as a blue dash curve in
fig.4-10(b). Kyco fine is about 6.4MHz/mV. The parameter of configurations are listed
in table.4-2

Table. 4 - 2 Parameter’s Configuration Values of DT-PLL

Reference Frequency (fr.r) 200MHz
Charge Pump Current (I,ymp) 120pA
Gain of VCO (Ky¢o) 6.4MHz
Dividing Ratio (N) 96
Resistance in Loop Filter (R) 10KQ
Capacitance in Loop Filter (C,, C5) 6pF, 0.3pF
Output Frequency (f,ue) 19.2GHz
Damping Factor (Q) 1.09
Natural Frequency (wy,) 5.8MHz
Loop Bandwidth (w,) =15MHz
Phase Margin 65 deg

In order to guarantee the stability of PLL, the parameters (R, C1 and C) are made
corresponding adjustments. Fig.4-11 shows the output frequency of DT-PLL. As it
can see that the DT-PLL is successfully settled and locked to the expected frequency
band. To zoom in to the details, the frequency variation on the output is ranged from
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19.108GHz to 19.28GHz, which is reduced to 172MHz swing compared to that of CP-
PLL example. These result illustrates that the previous prediction is correct, which

leads to an understanding that the quality of output frequency can be improved by

reducing the gain of VCO.
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Fig. 4 - 12 Period Jitter Performance of DT-PLL
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Fig.4-12 shows the period jitter of DT-PLL. The standard deviation to centre (zero
jitter) is reduced to 99.2fs, which the jitter variation occupied in every clock cycle of
19.2GHz frequency is now decreased to 0.38% in percentages.

Another analysis in previous example of CP-PLL is related to the nonlinearity issue
of large Ky¢o. This is also investigated in the DT-PLL example. It is an undeniable
fact that the slight nonlinear tuning still exists in DT-PLL. However, because of the
split tuning mechanism in DT-PLL, the dominated gain for DT-PLL to settle is
decided by Viine rather than Vcoarse. And since Ko fine has very small value, this
nonlinear issue somehow is suppressed. The tendency of Ko fine Scaling with Veoarse
has been illustrated in fig.4-13(a), and it is compared with CP-PLL.
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In Fig.4-13(a), it can be seen that, compared with the gain of VCO in CP-PLL, Kuco fine
in DT-PLL is greatly reduced. In addition, within the full voltage tuning range, it
appears as relatively linear, which the maximum gain difference is less than

4.72MHz/mV. Based on this outcome, it can be predicted that the other parameters,
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such as damping factor, loop bandwidth and phase margin, are all in some extent
improved as well. Fig.4-13(b) shows the damping factor results scaling with Vcoarse.
The damping factor of DT-PLL is varied closely around the critical damping (¢ = 1).
The worst damping factor is 0.61 when Kyco fine has the lowest value. Compared with
the CP-PLL, DT-PLL presents more stable performance with the control voltage
varies. In fig.4-13(c), which is the loop bandwidth within full voltage tuning range of
DT-PLL. The pre-set value is about 15MHz, and similarly, benefit from the small
Kveo_fine OF DT-PLL, the loop bandwidth is gathering around 15MHz. Lastly, for the
phase margin in fig.4-13(d), DT-PLL achieves sufficient phase margin (over 60 degree)
after 0.1V of Vcoarse. Therefore, based on the above results, it is apparent that inductor
peaking VCO is more suitable to be applied in dual-tuning structure PLL for better
reliability and stability.
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Fig. 4 - 14 Setting Time in DT-PLL

However, although it has been demonstrated that a dual-tuning PLL structure can
greatly reduce the influence of large gain of VCO and suppress the affection of non-
linear behaviour, there is still the issue of a long settling time which is illustrated in
fig.4-14. As it indicates that the settling time of DT-PLL is depended on the response
of coarse tuning. Once the coarse tuning settled, the fine tuning is swiftly locked to its
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final value. As seen in the fig.4-14. The Vcoarse requires about 3 1 s to be settled while
Viine Only need roughly 600ns, which gives overall settling time of DT-PLL to be 3.6
v s. This long settling time is because of the usage of Gm-C integrator, which results
in an extremely low bandwidth on coarse tuning path. Therefore, to improve the
settling time issue that happened in DT-PLL, a new type of PLL structure is proposed

in the next section.

4.4  Proposed Dual-loop Triple-controlled PLL

441 Trade-off between Loop Bandwidth and Settling Time

Before presenting the proposed PLL structure, the relationship between loop
bandwidth and settling time is necessary to be investigated first. This can be explored
easily by using CP-PLL with different loop bandwidth. Fig.4-15 shows the trade-off
between loop bandwidth and settling time.
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Fig. 4 - 15 Trade-off between Loop Bandwidth and Settling Time

The above figure explores the settling time of CP-PLL with loop bandwidth set to
35MHz, 20MHz, 15MHz and 10MHz respectively. The value of settling time is
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measured after the control voltage moved into the range of +5% of the final value.
According to the results, it can find that with larger loop bandwidth, it requires less
time for PLL to lock to the desired output frequency. This is because the larger loop
bandwidth has smaller resistance (R) and capacitance (C1, C2) on the loop filter. The
charging and discharging operation happened on loop filter becomes faster than that
of smaller loop bandwidth, which allows conversion of detected phase difference to
VCO’s control voltage more quickly. Therefore, an important understanding based on
the above investigation can be claimed is that, to improve the settling time of PLL, an
efficient approach is to increase the loop bandwidth.

4.4.2 Bandwidth Enhancement

As discussed in previous section, the settling time of DT-PLL is depended on the loop
bandwidth on coarse tuning path, which is equivalent to the bandwidth of the
integrator. However, reducing the bandwidth for shorting the settling time will cause
the stability issue for conventional DT-PLL[87]. This claim has been experimented by
increasing the unity bandwidth of integrator to 6MHz while the initial value is 200KHz.

The result is shown in fig.4-16
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Fig. 4 - 16 Instability Issue in DT-PLL
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As it can see from fig.4-16, instead of locking into a stable state, both Vcoarse and Vsine
are ended at endless oscillation. This is because, by increasing the unity bandwidth of
integrator, it also increases the sensitivity of coarse tuning to the phase error that
detected by the PFD. Because of this, Vcoarse Still respond to the changes of the phase
error when Viine is settling to the desired frequency. However, as the Kyco fine IS much
smaller than Kvco_coarse, Which makes fine tuning insufficient to adjust and lock the
output frequency before coarse tuning takes action, the Vcoarse and Visine are ended in

such “chasing state”.

ICP > 1 > Vfine

R; R,
Wy J- > Vioarse

“T T¢ T°

Fig. 4 - 17 Proposed Structure of Loop Filter

To overcome the above issue, the integrator on coarse tuning path is replaced by the
structure that shown in fig.4-17. Instead of using an active integrator, a passive RC
low pass filter is applied to convert the charge pump current into Veoarse. The input of
RC network of Vcoarse IS connected to the node between R1 and Ci1. One of benefits by
applying this approach is the DC operation point of Vcoarse is following the change of
Viine, Which means Vcoarse and Vsine Will be settled at same voltage level eventually.
Therefore, the “chasing” issue is avoided. Moreover, the bandwidth on coarse tuning
path can be adjusted by varying R and Ca. Therefore, to increase the bandwidth on

coarse tuning path, the corresponding value of R2 and Cs should be reduced.
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Fig. 4 - 18 Equivalent Structure of Proposed Loop Filter
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The equivalent circuit of fig.4-17 is shown in fig.4-18. As it can see that the impedance

on node Xa is obtained as

SR263+1

XA = SZR2C1C3+S(C1+C3) (46)

Looked into the node of Viine, the transfer function of loop filter is presented as (4.7)

_ Vfine(s) _ Ri+X4
KF-fine(S) T Ip(s)  SCa(Ry+Xa)+1 *7)
Substituted (4.6) into (4.7) the transfer function can be rewritten as
2R1{R,C1C3+5(R1C1+R,C3+R,C3)+1
KF_fine(S) — S“R1R;C1C3+S(R1C1+R1C3+R,C3)+ (4.8)

53R1R2C1C2C3 +52(R1C1C2+R1C2C3 +R2 C2C3 +R2C1C3)+S(C1+C2+C3)

In general, C is set about one tenth (or even less) of Ci. To simplify the (4.8) if
neglecting Cz, which gives

52R1R2C1C3+S(R1C1+R1C3 +R2C3)
52R2C1C3 +S(C1+C3)

Kr fine(s) = (4.9)

The transfer function of loop filter by looking into V,,4.s. Can be obtained as (4.10)

1
$3R{R;C1C5C3+52(R1C1C3+R;C2C3)+5Cy

Kr coarse (s) = (4.10)

Since the Kyco_fine IS the dominated the gain for PLL to be settled and locked to the final
frequency, the open loop transfer function with proposed loop filter can be given as
(4.11)

Kprp I'KF_fine’Kvco_fine
H(s)lopen = N-s (4.11)

Substituted Eq.(4.9) into Eqg.(4.11), the above equation can be rewritten as (4.12)

H(s)| _ Kprp_1Kvco_finels?R1R;C1C3+5(R1C1+R1C3+R,C3)+1
open SSNR26163+52N(61+C3)

] (4.12)

where Kpep | is the transfer function of PFD and charge pump. To compare the
proposed loop filter structure with traditional Gm-C integrator in previous experiment,

the value of Ry, C1 and C» are maintained at same, while R, and Cz are set to 14KQ
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and 36pF respectively to have about 7MHz bandwidth on coarse tuning path. Fig.4-

19 shows the corresponding settling response of both Veoarse and Vsie.
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Fig. 4 - 19 Settling Time of DT-PLL with Proposed Loop Filter

Comparing these results with fig.4-16, it is clear to see that, under similar bandwidth
on coarse tuning path, the unstable oscillation is eliminated from both Vcoarse and Vsine.
Moreover, the settling time is shortened to 620ns by proposed loop filter structure.
Furthermore, as predicted in previous analysis, DC operation point of Vcoarse and Vsine

are merged together after PLL locked to the desired frequency.

The bandwidth on coarse tuning path should be kept lower than the loop bandwidth to
remain Kuco_fine as the dominant gain for settling. As results, the value of Rz and Cs
cannot be limitlessly reduced.

On the other hand, another approach to further increase the bandwidth on coarse tuning
path is by increasing the charge pump current. Fig.4-20 shows the frequency response

of open loop transfer function in (4.12) with different charge pump current.
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Bode Diagram
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Fig. 4 - 20 Loop Bandwidth with Different Charge Pump Current

The loop bandwidth is proportional to the changes of charge pump current, but with a

larger charge pump current, more reference interferences pass through the PFD and

result in ripples on the VCO’s control voltage, which lead to more frequency

fluctuations on PLL’s output. Therefore, rather than increasing the current within a

single path of PLL, the proposed structure applies dual-PFD to bring the double

current into the loop filter, while each current is maintained at original amount.
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Fig. 4 - 21 Block Diagram of Proposed Dual-loop Triple-Control PLL (DLTC-PLL)
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Fig.4-21 shows the block diagram of proposed dual-loop triple-controlled PLL?
(DLTC-PLL). Two of proposed loop filters that shown in fig. 4-17 are combined
together, sharing the same coarse tuning path. Using this approach, the current of
individual fine tuning path are merged together, which provide doubled current to
coarse tuning. In addition, there is an advantage of a dual loop path, where the
reference frequency and feedback frequency can be applied in differential form.
Therefore, within a single clock period, both rising edge and falling edge of reference
clock are used to detect the phase error between reference frequency and feedback
frequency to achieve frequency acquisition. In the meanwhile, there are three control
voltages are acting on VCO at same time. Apart from the Vcoarse, One of fine control
voltage (Vrine1) is passing the phase difference of rising edge to VCO while the other
fine control voltage (Viine2) Is carrying the information of falling edge. And somehow

by this feature, the settling process of proposed PLL is accelerated.
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Fig. 4 - 22 Settling Response of Proposed DLTC-PLL

Fig. 4-22 shows the settling response of proposed DLTC-PLL. As it can see that, once
the Veoarse IS settled, it maintained at stable in the middle of Vfiner and Viine2. And the

frequency spur appeared on Viiner and Viine2 have a half clock period interval, which in

11t should note that the PFD, charge-pump and frequency divider used in DLTC-PLL are applied with
the same structure as in charge-pump PLL (section 4.3.1) and dual-tuning PLL (section 4.3.2).
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somehow formed a “pseudo differential” pattern. And this pattern can restrain or
cancel the frequency fluctuation happened on each loop. For another thing, since both
edges information are used, the reference frequency can be regarded as doubled.
Therefore, the loop bandwidth on fine tuning path can be configured at twice bigger
than the conventional DT-PLL, which is helpful to obtain better phase noise

performance.

4.5 Performance Comparison

Based on the above analysis, the comparison in terms of jitter and settling time
performance between typical CP-PLL, conventional DT-PLL and proposed DLTC-
PLL are listed in the table. 4-3.

Table. 4 - 3 Performance Comparison between CP-PLL, DT-PLL and Proposed DLTC-PLL

Type CP-PLL DT-PLL DLTC-PLL
Architecture Single Tuning Dual Tuning Triple Tuning
Reference Frequency 200MHz 200MHz 200MHz
Output Frequency 19.2GHz 19.2GHz 19.2GHz
Settling Time =265ns =3.6ls =560ns

Frequency Fluctuation
1.5GHz 172MHz 178.2MHz
(peak-to-peak)

Jitter (single-band) 635.6fs 99.2fs; 95.7fs

In order to guarantee a fair comparison of PLL topology, all these three structures are
simulated under the same testing scheme, including same power supply voltage (1.1V),
same input reference frequency (200MHz), output load (1nF DC block capacitance
and 50 Q resistance), simulation temperature and process corner. Moreover, the basic
building blocks (PFD, charge-pump, frequency divider) are implemented with the
same structure as described in section 4.3 and section 4.4, in order to focus on the
comparison between the three PLL topologies. As the comparison reveals, a dual-
tuning topology can effectively suppress the periodical jitter and minimize the
frequency fluctuation that induced by large Kyco of inductor peaking VCO. With the
same reference frequency and output frequency, both DT-PLL and DLTC-PLL have
greatly supress the frequency fluctuation and improve the performance of jitter down
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to 99.2fs and 95.7fs respectively compared with CP-PLL (635.6fs). Apart from that,
the proposed DLTC-PLL equipped with fast locking characteristic. Comparing the
settling time with conventional DT-PLL, DLTC-PLL only requires 560ns to lock to
the desired frequency and maintain stable, which the settling time is shorten by 3s.

4.6 Summary

In this chapter, the inductor peaking VCO that presented in previous chapter is
embedded to different type of PLL structures. Because of the large gain of VCO, the
unavoidable issues are exposed by conventional charge-pump PLL and dual-tuning
PLL. Therefore, to solve the problem and provide an elegant solution, a novel topology
of dual-loop triple-controlled PLL is proposed in 40nm technology process. Two fine
control loops are combined with a coarse tuning path to precisely control and adjust
the output frequency. By coarse tuning, the inductor peaking VCO is biased into the
desired frequency range, after that, two fine control signals are alternatively tuning the
output frequency to be accurate. As the gain of VCO on fine tuning path is small, the
reference spur and inherent phase noise of VCO have less influence to the PLL’s
output. In addition to this, the system settling time is greatly reduced by using both the
rising and falling edge of reference frequency for frequency acquisition. There are two

conclusions can be made:

1) According to the analysis, the large gain of VCO has a significant influence on
a conventional PLL topology. By comparing the inductor peaking VCO with
different PLL structure, it is found that the proposed DLTC-PLL not only can
suppress the frequency variation caused by reference spur and inherent phase
noise of VCO, but also can achieve fast locking function in nano-seconds time,
which make the inductor peaking VCO more practical for multiple protocol
clock generation systems.

2) The settling time of PLL is the trade-off between loop bandwidth and overall
noise performance. With larger loop bandwidth, VCO can be more faster
response to the detected phase error. However, this will also make more spur
leak through the PFD and cause frequency variation on the output. Therefore,

the configuration of loop bandwidth should be carefully considered.
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Chapter 5 Practical Implementation of

Dual-Loop Triple-Controlled PLL

5.1 Introduction

In the previous chapter, a prototype structure of dual-loop triple-controlled PLL
(DLTC-PLL) that incorporates a VCO with inductor peaking was proposed. From the
theoretical analysis of this circuit, the DLTC-PLL provides a solution for ultra-wide
frequency generation with a short settling time, to fulfil the demands of multiple
protocol communications in a high-speed wireline transceiver. To validate the
feasibility of the proposed approach, a practical design example is demonstrated and

fabricated in a 40nm CMOS technology process.

In this chapter, the design implementation of a DLTC-PLL is presented starting with
the top level structure of the system. The detailed design of a DLTC-PLL is
systematically described including the key functional blocks and output buffers.

Finally, the post-layout simulations are compared to the measurement results.
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5.2 Top level System Design

Fig. 5-1 shows the top level structure of the DLTC-PLL design example that was
realized using a40nm CMOS process. The entire design is divided into two main parts;
one of which is the main functional core of the DLTC-PLL and the other part consists
of the output buffers. Considering the functionality of multi-frequency generation,
three reference sources were applied to the PLL in order to provide reliable
controllability. The reference frequencies include two off-chip crystal oscillators of
400MHz (Refy) and 300MHz (Ref,) respectively and a free-run reference (Reffree)
which is activated in testing mode. In addition, to maximize the potential advantage
of the ultra-wide bandwidth of an inductor peaking VCO, a digital control interface
was added to the DLTC-PLL to allow switching of the division ratio of the frequency
pre-scaler (CON[2:0]) and channel selection of the reference clock (S[2:0]). Each
digital control signal contains 3-bits. Two additional reference voltages (Vref high and
Vet 1ow) Were applied to enhance the voltage tuning range of the VCO.

VDD, ;&VDD, ,
Vref_high T (1.1v&2.2V)

40nm Silicon Chip

VCOoutw«: > Fouts
Ref, ; VCO,ye. Output Buffer
Refz > 1 > Fout-
Reffree — | pLTC-PLL

§[2:0 3 Core
. —_—
[2:0] 3 Veoarse ,| Output Buffer > Veoarse
CONJ[2:0] ) 2
Vref_low \L

GND

Fig. 5 - 1 Top Level Structure of DLTC-PLL
For the output buffers, there were two different types of output buffer implemented
within the design example to serve two different purposes. Output buffer 1 is to extract

the output frequency from DLTC-PLL and interface with testing equipment for

matching a 50Q impedance and improving signal quality. Output buffer 2 is for
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monitoring the voltage changes of the coarse tuning path, thereby observing the
settling response of the PLL.

The whole design example is powered by two supply voltages (1.1V and 2.2V).

5.3 Architecture of DLTC-PLL

The implemented structure of DLTC-PLL is shown in fig. 5- 2
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Fig. 5 - 2 Implemented Structure of DLTC-PLL

The inductor peaking VCO with three voltage control signals (fine tuning Vfine1, Vfine2
and coarse tuning Vcoarse) Was used as the oscillation source to provide a wide
frequency option. By implementing a frequency pre-scaler with 3-bit digital switching
signals (CON[2:0]), 8 different division ratios can be selected. A 3-bit digital control
signal (S[2:0]) combined with 2 off-chip crystal oscillators (Refi and Ref?) and a free-
run reference (Refree) Were applied as a reference clock scheme. This provides 8
different reference clock modes including a testing mode. All signals within the

DLTC-PLL are in differential form, which is convenient for detecting both the rising
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and falling edges between the feedback frequency and the reference clock by using
two fast acquisition PFDs. The pulse signals (UP/DOWN) that carry the detected
phase information between the feedback and reference are converted into current form
by a gate switch charge pump. After that, the integrated current is passed into the loop
filter. To make each loop operate in a stable condition, the signal that carries the
control voltage information is fed back to the charge pump simultaneously to

dynamically adjust the charge pump current, thereby varying the loop bandwidth.
5.3.1 Inductor Peaking VCO with Voltage Tuning Range Enhancement

The tuning efficiency must be considered during the design of the proposed DLTC-
PLL when using an inductor peaking VCO. For the implementation of the VCO itself,
the control voltage is normally provided by an off-chip power source in a test or a
virtual DC voltage during simulations, however, it becomes a more complex situation
when embedding the VCO into a PLL as the control voltage is no longer provided
from a separate source but from the charge pump. Therefore, the achievable voltage
range should be carefully designed to maximize the advantage of the wide tuning range
feature of the VCO.
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Fig. 5 - 3 Source (Sink) Current Scaling with Drain-source Voltage of MOSFET
Several current mirrors are used to provide the charge pump current, however, it is

well known that the mirrored current is highly depended on drain-source voltage (Vas)
that is applied on the transistors. To maintain a constant stable current, the voltage

90



Practical Implementation of Dual-loop Triple-controlled PLL

headroom of Vgs should be high enough to allow transistor operation in the deep

saturation region. The saturation current is given as (5.1).

w 2
Lyaturation = B T (Vgs - Vth) (1 + AVqgs) (5.1)

As this equation reveals, the current is varied with the change of Vgs when the gate
voltage (Vgs) of transistor is constant. For example, as explained in the chapter 3, the
oscillation frequency of inductor peaking VCO is inversely proportional to the control
voltage. Therefore, to increase the oscillation frequency, the control voltage is
decreased by sinking the current of the loop filter into ground which will cause the
changes of Vgs in charge pump. For this reason, the dynamic range of current is
investigated by scaling the Vgs, which can be illustrated by fig. 5-3. To provide the
required constant 30 1 A current, both the source and sink current were analyzed.
When Vgs decreases toward to OV, the sink current starts to drop and a similar thing
happens to the source current when Vgs is approaches the power supply. The range for

a constant 30 1 A current is small and limited.

Therefore, taking the dynamic range of charge pump into consideration, a solution of
powering the VCO using two voltage regulators is proposed. Fig. 5-4 is the structure

of the implemented inductor peaking VCO.
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Fig. 5 - 4 Implemented Inductor Peaking VCO with Voltage Regulation

The power rail for the VCO is regulated by those two voltage regulators, thereby, with
the premise of providing enough voltage for powering the VCO, this power rail can
be dynamically moved up and down depending on charge pump. As shown in fig.5-4,
the high voltage node (Vhigh) of the VCO is regulated by a N-type voltage regulator
while the low voltage node (Viow) is provided by a P-type voltage regulator. The input
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of those regulators are connected to two off-chip reference voltages (Vret nhigh and
Vret_1ow respectively). In the 40nm process node, the nominal power supply is 1.1V,
therefore, the voltage between Vhigh and Viow is set to 1.1V as well. In addition to this,
another advantage of applying the voltage regulator is high PSRR (power to noise
rejection ratio), which improves the noise immunity of the VCO to power supply

variations.

The delay cell of inductor peaking VCO is shown in fig. 5-4. The original VCO with
inductor peaking that was presented in chapter 3 is modified to a differential structure
for better noise performance. Two additional transistors for fine control are paralleled
with the coarse control transistor. Moreover, an inverter-based latch is inserted in the
middle to ensure fully differential oscillation. Considering the conclusions in chapter
3 that a stacked inductor has a significant advantage in area, especially for more
advanced process nodes, the same methodology is applied here. The inductors used in
the 40nm design example are all full custom designs with the same layout strategy.

The detailed parameters are listed in table. 5-1.

Table 5 - 1 Detailed Parameters of Inductor Peaking VCO in DLTC-PLL

Parameters Values

W/Lys 25.6pm/0.04pm
W/L2g 36pm/0.04pm
W/L37 41m/0.04m
W/L46 41m/0.04m
L12/Q factor =126pH/13

For frequency bandwidth enhancement, the transistor size of Mz is set slightly larger
than that of My, using the principle described and analyzed in chapter 3. In addition,
to clearly distinguish the gain in coarse tuning from fine tuning, the transistor size of
Ms467 IS one ninth of M2s. Moreover, the post-layout simulation results of coarse
tuning and fine tuning are shown in fig.5-5(a) and fig.5-5(b). As it can see that the
overall frequency tuning range of coarse control is from 2.53GHz to 36.8GHz which
results in a linearized gain of VCO on coarse tuning (Kvco_coarse) at 42.83GHz/V. As

for the fine tuning characteristics, by setting with different Vcoarse, €ach fine tuning
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curve can be obtained. There are two things should be realized in fig.5-5(b). For one
thing, in terms of each fine tuning curve, the slope over full voltage range is different.
This is caused by the difference of Kyco_coarse at different Veoarse. For another thing, the
gap between each fine tuning curve has a large difference in the middle when Vcoarse
is ranged from 0.2V to 0.5V. This is caused by the nonlinearity of coarse tuning
characteristic. Therefore, to simplify the fine tuning characteristic, the average gain of

fine tuning (Kveo_fine) Over different Veoarse 1S 4.67MHz/mV.
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Fig. 5 - 5 Tuning Characteristic of Proposed Inductor Peaking VCO (a) Coarse Tuning to
Oscillation Frequency (b) Fine Tuning to Oscillation Frequency

On the other hand, the implemented inductor peaking VCO is applied with differential
topology as it has better performance on suppressing the common mode noise and
canceling the influences through the differential branches. To investigate the
improvement, the PSRR performance of proposed inductor peaking VCO is simulated
and compared with a single-end VCO. Fig.5-6 indicates the ratio of the amplitude
variation on the power supply voltage to the output phase variation of the output
frequency. Theoretically, the larger the PSRR is, the better the immunity to the noise
of power supply. As it shows in fig.5-6, the differential VCO has approximately 5dB

improvement compared to the single-end structure VCO.
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Fig. 5 - 6 PSRR Comparison between Differential VCO and Single-end VCO

5.3.2 Adaptive DC Shifting Unit

Another block required in the practical implementation of DLTC-PLL is an adaptive
DC shifting unit. This block acts like an inner interface to connect the inductor peaking
VCO with the following blocks, either the frequency pre-scaler or the output buffer 1.
To achieve this functionality, a well-defined DC operating point is the premise. The
challenge of this block is the DC voltage level of oscillation frequency from the VCO
varies with the changes in oscillation frequency. For example, to increase the VCO’s
frequency, Ve is lowers to decrease the effective resistance of the load transistor which
causes the DC level of oscillation frequency to go up. Therefore, an adaptive adjusting

mechanism is required before the frequency signal is processed by the next stage.

Fig. 5-5 illustrates the structure of an adaptive DC shifting unit. The whole block
contains a current adjusting stage and three identical source follower stages. The input
of the three source followers comes from each delay cell of the VCO. Two of the
source followers are forwarded to the next stages of which one is passed to the
frequency pre-scaler and forms the feedback path while the other is forwarded to
output buffer 1. To avoid the issue of unbalanced oscillation, a third replicated source
follower is used as a dummy stage to keep the load of each delay cell in the VCO the
same. All of the source followers are applied using differential mode with an

embedded cross-coupled latch.
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Fig. 5 - 7 Implementation of Adaptive DC Shifting Unit

As the DC voltage of oscillation frequency from the VCO is inversely varied with the
changes of Vcoarse, @ parallel transistor M is added where the gate voltage is
dynamically controlled by Vcarse in order to adaptively make adjustment to the
changes of Vcoarse. FOr example, when Vcoarse IS increasing (the DC voltage of
oscillation frequency from VVCO is decreasing), the DC current in the adjusting stage
is decreased as the parallel resistance is larger, thereby, the mirrored current in each
source follower stage is smaller. This makes the DC voltage level in each source

follower stage increased to compensate the decreased DC level of oscillation

frequency.
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Fig. 5 - 8 Output Signals of VCO and DC Shifting Unit

Fig.5-8 shows the output of VCO and DC shifting unit separately. It can see that the
voltage range of VCO is lifted up because of the implementation of two voltage
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regulators. The DC operation point is around 1V shown in this case. In order to adapt
the change of VCO’s voltage range and provide an adequate DC point for the
following stages (frequency divider and output buffer), the DC shifting unit is
dynamically mapping the oscillation signal to where the DC point is about 0.6V
through the source follower stage. Although the voltage swing of the output signal
from DC shifting unit is slightly smaller than that of original output of VCO, the output
voltage swing (peak to peak) of about 600mV with 0.6V DC operating point is capable
to provide an adequate input for frequency divider and output buffer. Moreover,
another advantage can be found is that DC shifting unit bring the voltage range back
to 1.1 nominal power supply which make it more compatible to other modules voltage-

wise.

The key parameters of the adaptive DC shifting unit is listed in table. 5-2

Table 5 - 2 Detailed Parameters in Adaptive DC Shifting Unit

Parameters Values

WI/Ly 12pm/2m
WI/L> 1pm/4pm
WI/L3 4m/0.04pm
W/Lass 41m/0.04pm
W/Ls 7 81um/0.04m

5.3.3 Charge Pump with Voltage Protection

The implemented charge pump is developed from a prototype structure of gate switch

charge pump, for which the structure is shown in fig. 5-9.

The switching gates (M1,234) are placed at the path to the gate of Ms and Mg rather
than on the output branch, compared with the conventional charge pump that is shown
in Appendix B.2. Using this approach, the gate switch charge pump effectively

releases the voltage headroom issue on the output branch.

Given the demand for a wide tuning characteristic, the VCO is powered by two voltage

regulators which causes a corresponding modification in the charge pump:
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Fig. 5 - 9 Implementation of Gate Switch Charge Pump with Voltage Protection

Since the voltage tuning range in the VCO is lifted-up by two voltage
regulators, in order to be able to provide the required range, the power supply
of the charge pump is increased to 2.2V. Correspondingly, considering the
reliability of the circuit, the general low threshold type (LVT) MOSFET is
replaced by high I/O transistor. However, the high 1/O transistor is much
slower than LVT MOSFET. Therefore, to maintain the fast switching
functionality, the transistors (Mz,2,3.4) used for the current switch are the LVT
type.

Due to the increased power supply, the achievable dynamic range on the output
of charge pump is expanded. Considering the breakdown issue in the 40nm
process, a protection mechanism is implemented. As seen in fig.5-9, two
additional transistors of MVVP and MVN are inserted and act as the function of
source follower. By this way, those transistors can make a threshold voltage
higher (Vinp) or lower (Vinn) to their gate voltage. Therefore, the tuning range
on the output of the charge pump is covered from Vinp t0 Vref high — Vinn.
Additionally, to reduce the affection of unnecessary body effect, the transistor
type used for Mvp and My is the high 1/0 deep-n-well (DNW) MOSFET. In
40nm technology process, the threshold voltage of the high /0 MOSFET is
about 450mV. Therefore, the reference voltage to the VCO can be decided,
where Vet tow IS Set to 500mV while Vet nigh is 1.6V with 1.1V voltage room,
given that breakdown issue. To verify the functionality of protection

97



Practical Implementation of Dual-loop Triple-controlled PLL

3)

Vfine (V)

mechanism, fig.5-10 illustrates the simulation results by saturating the charge
pump current towards to one direction. For example, assume that the freedback iS
faster than frer, source current will charge the loop filter to increase the control
voltage and maintain saturated at end. On the contrary (freedback IS Slower than
frer), sink current will be saturated by discharging the loop filter for decrease
the control voltage. As shown in fig.5-10, the saturated source current and sink
current are displayed separately. As expected, the source current is stable and
maintained at highest level of 1.4V while sink current is maintained at 0.4V
which provides the dynamic range on the output node of charge pump within
1V difference to avoid the risk of breakdown.

Finally, there is another issue about the loop bandwidth to be considered. For
example, once the output frequency of DLTC-PLL is changed either by
frequency pre-scaler or reference clock, the loop bandwidth should be
correspondingly changed to make compensation. For this reason, the function
of adaptive bandwidth is applied to the charge pump, which is controlled by
Moadp. The gate voltage of Magp is fed back from the loop filter, which is
proportionally varied with the changes of fine control voltage. By passing the
changes of control voltage back to the charge pump, the current can be
dynamically adjusted based on the situation on the VCO’s control node,
thereby to vary the loop bandwidth.

The Voltage room of
Charge pump is ranged
from 0.4V to 1.4V

'0.2 0.3 0.4 0.5 0.6 0.7 0.8 0.9 4
Time (us)

Fig. 5 - 10 Illustration of Protection Mechanism of Charge Pump
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Since the power supply for charge pump has increased, the gate voltage set on Mz and
Ma need to be increased as well, so that the source current switches can be fully turned
on/off. But the type of transistor applied on those switches (M1, M2, M3, My) are 1.1V
LVT MOSFET which means the gate voltage cannot be set too large due to the
breakdown issue. Therefore, the DC voltage level on the gate of M3 and M4 need to

be increased in the range of 1.1V to 2.2V.
5.3.4 Fast Acquisition PFD

Fig. 5-11 is the implemented fast acquisition PFD combined with function of pulse

level shifting, to meet the demands of the charge pump.
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v
o
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Fig. 5 - 11 Implementation of Fast Acquisition PFD

The pulse width of the UP (UPp and UPy) and DOWN (DNp and DNw) signals
depends on the number of stages that are set to M and N. To provide enough pulse
width to fully switch on/off the charge pump current, the M and N are configured at 3
and 7 respectively, giving a pulse width of 52ps. In addition, by implementing an
output delay line that contains a transmission gate paralleled with an inverter, both UP
and DOWN signals are implemented in a differential format. The propagation delay of
an inverter is roughly 5ps. Therefore, to minimize the delay mismatch in the delay line,
the size of the transistor (Mn and Mp) in the transmission gate is set to 4pum and 10pm

respectively to have similar delay time.

99



Practical Implementation of Dual-loop Triple-controlled PLL

The most significant modification made on PFD is the pulse level shifting function.
According the design requirement of the charge pump that was described in the last
section, the UP signal should be levelled up to the range between 1.1V to 2.2V. Two
level shifters are added on the end of the UP signal path to achieve this function. As
shown in fig.5-11, the voltage swing of both UP and DOWN pulses are 1.1V while the
operating DC of UP is in the range from 1.1V to 2.2V and DOWN is maintained at 0
to 1.1V.
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Fig. 5 - 12 Illustration of Level Shifting between UP and DOWN Pulses

This functionality is simulated and demonstrated in fig.5-12. As expected, DC level
of UP pulse and DOWN pulse is separated into two different voltage range. Moreover,
with PLL gradually working into locking state, the UP and DOWN signals are closing
to the pulse width of 52ps in order to have same charge and discharge current to

maintain a stable oscillation.
5.3.5 Integer-N Frequency Pre-scaler

One of the big advantages of a DLTC-PLL is the multiple frequency output option
across a wide tuning range. To achieve this functionality, the conventional frequency
divider is replaced by a programmable integer-N frequency pre-scaler, which is placed
at the feedback path of the DLTC-PLL. Fig. 5-13 shows the implemented integer-N
frequency pre-scaler.
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Fig. 5 - 13 Implementation of Integer-N Frequency Pre-scaler

The integer-N frequency pre-scaler is developed in several stages to adapt to the
various frequencies during the dividing procedure. Different types of latch are capable
of producing different frequency bands. Considering power efficiency and system
complexity, three stages of CML latch-based divide-by-2 are implemented as front-
end stages in order to cope with the high frequency input from the VCO. In addition,
to enhance the achievable bandwidth of the CML latch, an inductor peaking technique
was also applied to both master and slave latches. After the first three high-speed
stages, the frequency is dramatically reduced and the speed is no longer suitable for a
CML based divider. Therefore, to effectively interconnect CML stages with following
dividing stages, a CML to CMOS converter is inserted to improve the signal quality

into a rail to rail voltage swing.

For the next stage, a programmable 3-stage dual modulus is implemented to digitally
switch the dividing ratio. The first two stages within the dual modulus are developed
in the TSPC latch for maintaining a relatively high-speed operation and lowering the
power consumption, while the final stage of the dual modulus is implemented with a
classic logic gate latch. The diving ratio of the dual modulus is switched by a 3-bits
digital signal (CON[2:0]) which is provided off-chip. The dividing ratio of the whole

3-stage dual modulus is given as (5.2)

div,gtio = 8 + CONy2° + CON, 2 + CON, 27 (5.2)
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For a 3-stage dual modulus divider, the basic dividing ratio is 8. Each digital bit
occupies different weight. The overall dividing ratio of dual modulus divider is ranged
from 8 to 15.

However, one concern about the dual modulus divider is the duty cycle as the output
clock may not be 50%. This is caused by the clock cycle swallowing in order to
achieve an odd dividing ratio. Since both the rising and falling edge of the divided
frequency are used to compare with the reference frequency, a simple approach to
avoid this duty cycle issue is to add another divide-by-2 divider after the dual modulus
stage. The final stage is designed with a pure logic gate divider as the frequency that
is coped with is relatively low.

Using this structure, the final division ratio that has been obtained by integer-N
frequency pre-scaler is in the range from 128 to 240 with a step size of 16 for single
bit switching.

5.3.6 Reference Clock Scheme

As for the reference clock interface, a multiple clock scheme is applied to DLTC-PLL

in order to provide more flexibility for achieving different output frequencies.
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Fig. 5 - 14 Implementation of Reference Clock Scheme

As shown in fig. 5-14, the two off-chip crystal oscillators (Ref1=400MHz and
Ref2=300MHz) are divided by several stages of divider which generates 7 different

sub-frequencies. In addition to this, another off-chip free run oscillation source is used
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for testing mode. All the 8 different frequencies are selected by a 8-to-1 multiplexer
which is controlled by a 3-bit digital signal (S[2:0]).

Table 5 - 3 Look-up Table of Potential Output Frequencies

S[2:0] | 001 010 011 100 101 110 111
CON[2:0 (25M) | (37.5M) | (50M) | (75M) | (100M) | (150M) | (200M)

000 (Div =128) | 3.2GHz | 4.8GHz | 6.4GHz | 9.6GHz | 12.8GHz | 19.2GHz | 25.6GHz

001 (Div =144) | 3.6GHz | 5.4GHz | 7.2GHz | 10.8GHz | 14.4GHz | 21.6GHz | 28.8GHz

010 (Div =160) | 4GHz 6GHz 8GHz 12GHz 16GHz 24GHz 32GHz

011 (Div =176) | 4.4GHz | 6.6GHz | 8.8GHz | 13.2GHz | 17.6GHz | 26.4GHz | 35.2GHz

100 (Div=192) | 48GHz | 7.2GHz | 9.6GHz | 14.4GHz | 19.2GHz | 28.8GHz | 38.4GHz

101 (Div=208) | 5.2GHz | 7.8GHz | 10.4GHz | 15.6GHz | 20.8GHz | 31.2GHz | 41.6GHz

110 (Div=224) | 5.6GHz | 8.4GHz | 11.2GHz | 16.8GHz | 22.4GHz | 33.6GHz | 44.8GHz

111 (Div =240) 6GHz 9GHz 12GHz 18GHz 24GHz 36GHz 48GHz

Combined with the dividing option that is provided by the frequency pre-scaler, the
potential output frequencies of the DLTC-PLL are listed in table. 5-3. Using this clock
generation scheme, the potential frequencies range from 3.2GHz to 48GHz, which

covers the full achievable frequency range of the VCO applied in the DLTC-PLL?2.

Considering signal quality, all three reference sources are interfaced with a Schmitt
trigger before selection. Moreover, a single-to-differential converter is placed at the
end, not just to improve the signal quality but also to provide the differential signal for
the usage of PFD.

5.4 QOutput Buffer Stages

Two different types of output buffer have been implemented in the DLTC-PLL design
for different purposes. Output buffer 1 is used to extract the output frequency from the

DLTC-PLL and interface with testing environment while output buffer 2 is for

2 Note: the combination of 000 of S[2:0] is reserved for the testing mode.
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observing the changes of coarse control voltage and measuring the settling time of
DLTC-PLL.

5.4.1 Output Buffer 1

Since the function of output buffer 1 is to transfer broadband frequency signals, five

stages of differential common source amplifier are developed as shown in fig. 5-15.

Signal Amplifying Stage VDD, ,
VDD, ; VDD, ; VDD, , VDD, , LS{ Ls%
VCO s — + =P Fours
: : x4 >
VCO,y. — - = Fou
[
Output Stage

Parameters | Values
w/L,, 12p/40n

W/Ls, 15u/40n
Ly =280pH
Lsg =450pH
Lss ~130pH

Common Source Amplifier

Fig. 5 - 15 Implemented Structure of Output Buffer 1

The first four stages aim to extend the bandwidth and amplifying the signals while the
last stage is for obtaining 50 Ohm impedance matching. To provide enough current on
the output stage for a large skew rate, the transistor’s size in final stage is 4 times fan-
out than that of first stage. In addition, as the output buffer 1 is structured in
proportional fan-out, serial inductors are placed among each stage to further improve
the bandwidth.

5.4.2 Output Buffer 2

When it comes to the design of output buffer 2, it requires a different specification.
Fig. 5-16 shows a rail-to-rail folded cascode operation amplifier acting as a negative

feedback voltage follower.

According to the previous implementation in section 5.3.3, the potential range of
Veoarse IS from 0.5V to 1.6V. Therefore, the design priority for output buffer 2 is to
have a wide input voltage swing rather than a large bandwidth as changes on Vcoarse

are relatively slow.
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Fig. 5 - 16 Implemented Structure of Output Buffer 2

The output buffer 2 is powered by a 2.2V supply voltage for a wide voltage swing, so,
the type of transistors used is the high 1/0 MOSFET. In addition to this, for the output

stage, in order to allow enough current and achieve 50 impedance matching, the

PMOS and NMOS are set to 320pm and 128 respectively.

5.5 Full Chip Layout

The layout view of the DLTC-PLL design example in 40nm technology process is

displayed in fig. 5-17.
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Fig. 5 - 17 Full Chip Layout of DLTC-PLL in 40nm Process
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The total chip area is about 0.677mm? (1148m>&90m) with 29 signal pads
implemented which includes both DC and RF signals. The details of the chip are

summarized in table 5-4.

Table 5 - 4 Chip Details

Chip Size =1148m>590pm
Core of DLTC-PLL =435m>380m
Core of VCO =310pm><119m
DC&RF Pads 671m>67 m

As the most important building block, the layout of VCO had been carefully designed.
First of all, in order to minimize the influence of peripheral module’s layout to the
performance of VCO, the layout of loop filter, VCO and adaptive DC unit are designed
as a whole structure. The layout is shown in fig. 5- 18.
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Fig. 5 - 18 The Layout of Core VCO

Moreover, each delay cell within the inductor peaking VCO is identical and the metal
wire of interconnection should be at same length to avoid unnecessary mismatch due
to load variations. Taking this into consideration, the whole structure is designed in
the way of centro-symmetric layout topology. In addition to this, the dual fine tuning
paths are also designed in symmetrical structure and placed on the sides of inductor
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peaking VCO. The large capacitor on coarse tuning path is split into two pieces to
compact the layout area where the distance of signal wires are shortened to reduce the

parasitic effects. The overall area of core VCO is about 0.04mm2 (310pm><119m).

5.6 Simulation and Testing

To validate the functionality of the proposed DLTC-PLL, the design example is
fabricated in TSMC 40nm CMOS technology process.

5.6.1 Simulation Environment

Before presenting the results, the simulation environment is introduced including the
test bench illustrated in fig. 5-19.

To model the environment used in practical tests, the 40nm design example is
packaged as a symbol, with each port connected with an inductor to model the effects
of bonding wires. Based on previous tape-out experience in the 130nm and 65nm
nodes, the empirical value of inductance on bonding wires is about 200pH to 500pH
depending the length and number of the bonding wires used. In addition, the 50Q
termination is modelled as a serial RC network with 50Q resistance and 100nF
capacitance. The crystal oscillator will be used as the reference clock for DLTC-PLL
in testing, but the specifications of the crystal oscillator, such as DC voltage level,
output swing, signal shape, are varied from product to product. To include the
tolerances and provide a robust reference clock, the DC voltage level is reshaped by a
DC block and DC biasing circuits before being applied to the DLTC-PLL module. As
shown in fig. 5-19 the pull-up and pull-down resistors applied in the biasing circuit
are 100Q in order to bias the DC voltage level of the reference clock at half of the
power supply. The same structure will also be applied on the PCB for the DLTC-PLL
to ensure the identical configuration between the simulation and testing. The reference
clocks are modelled as sinusoidal waveform voltage sources to provide the clock
signals of 400MHz, 300MHz and a variable frequency respectively. Another factor
which should be considered for the simulation and testing is the digital control signal.
To simplify the structure of the test bench, all of the control signals (CON[2:0] and

S[2:0]) are provided by several DC voltage sources.
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Fig. 5 - 19 Simulation Test Bench for 40nm DLTC-PLL

5.6.2 Simulation Results

“Real-world” white noise was included in the simulation as transient noise across the
range of 1 KHz to 10GHz, applied by the simulator to precisely investigate the noise
performance of the DLTC-PLL design example. The following results are based on

post-layout simulation (including all the predicted parasitics).
The target of the post-layout simulation is to pre-evaluate the following aspects:

1) The functionality of DLTC-PLL design example.
2) The performance of settling time, jitter and phase noise.

3) The performance at different widely used communication protocols.

To efficiently examine the performance of the circuit using simulation, a simulation
scheme has been made. At first, the DLTC-PLL is locked to 4.4GHz to investigate the
lower frequency performance. And then, the output frequency is switched to 35.2GHz
by changing the digital control signals for high frequency evaluation. Thereby, the
settling time between those frequencies can be monitored on the transient waveform
of the coarse control signal. By using the look-up table in section 5.3.6, the digital
code for a 4.4GHz output frequency is 001 for S[2:0] and 011 for CON[2:0]. As for
the high frequency output of 35.2GHz, S[2:0] is set to 111 while CON[2:0] is
maintained at 011 which can be easily programmed by the simulator. The transient

simulation results are presented in fig.5-20.
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Fig. 5 - 20 Post Layout Results (a) Transient Respond of 4.4GHz Lock-up Time (b)
Transient Respond of 35.2GHz Lock-up Time (c) Period Performance of 35.2GHz Output
Frequency (d) Phase Noise Performance of 35.2GHz Frequency

Fig.5-20(a) indicates that the DLTC-PLL is successfully locked to 4.4GHz within
646ns settling time. In fig.5-20(b), the locked frequency of 4.4GHz is changed to
35.2GHz as expected after switching the control signals. The total settling time for
over a 30GHz frequency span is only 446ns. Moreover, the noise performance
(periodic jitter and phase noise) is also investigated based on this simulation plan. In
fig.5-20(c), which presents the periodic jitter performance of 35.2GHz output
frequency, the standard deviation obtained is +54.8fs, while the phase noise
performance at same output frequency is -109dBc/Hz at 1MHz offset, for which the

simulation result is shown in fig.5-20(d).

As discussed in chapter 1, one of the motivations in this project is to create a clock
generation system for multiple communication protocols. Therefore, to investigate the
performance of the DLTC-PLL with a specific frequency, the frequencies in several
widely used protocols were simulated. The results of the corresponding periodic jitter

and phase noise performance are shown in fig.5-21.
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Fig. 5 - 21 Performance with Different Protocols Frequency (a) Jitter (b) Phase Noise

The best jitter performance obtained was 37.1fs using a protocol of SuperMHL(>6
lanes) operating at 36GHz. When phase noise performance was considered, the best
result is -113dBc/Hz of USB running at 10GHz.

5.6.3 Testing Measurements

Practical chip testing contained two steps with the first step being a custom PCB
design. Given the system complexity and intensive DC voltages required, to better
facilitate the testing and save cost, the control signals (S[2:0] and CON[2:0]) are
designed to be changed by switches. The output of the 40nm silicon chip is directly
connected with an RF probe to reduce the influence of bonding wires. Therefore, to
avoid damage to the probe while switching the control signals, the PCB is designed
into two boards, with the silicon chip connected to the main board by wire bonding,
while all the control signals and corresponding switches are on the secondary board.
These two boards are connected by jumping wires, as illustrated in fig.5-22. The
corresponding PCB is shown in fig.5-23.
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Fig. 5 - 22 Concept View of PCB Connection
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- 24 Measurement Environment with Photography of 40nm Silicon Die

Fig. 5

To effectively investigate the performance of the settling time, a small oscillation

circuit with 100KHz frequency was designed and placed on the secondary board
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including the corresponding control switches. When measuring the settling time, the
channel of reference selection code (S[2:0]) is switched to the output of the 100KHz
oscillation circuit and transferred to the main board. Each bit in S[2:0] can be
controlled separately. Once the PCB is configured into this mode, the output frequency
from the 40nm chip will be automatically changed between the two different
frequencies with a 10ps time interval. According to the simulation results, this time

interval is enough for the PLL to be settled.

Fig. 5-24 shows the measurement environment and photograph of the 40nm silicon
die that integrated on the test PCB. To avoid environmental interference, a battery
based power supply system was used to provide a clean power source. In addition to
this, a DC adaptor circuit was also created to provide enough DC voltage to test the
PLL.

A. Measurement of the Setting time

To measure the settling time of the DLTC-PLL, the signal on the coarse control
voltage is connected and monitored by digital oscilloscope. The dividing ratio is set to
144 for which the digital code (CONJ[2:0]) is 001. Moreover, by configuring the
switches that control the external oscillation circuit, the reference frequency is
switched between 25MHz (S[2:0]=001) and 200MHz (S[2:0]=111) which allow the
output frequency of the PLL to be switched between 3.6GHz and 28.8GHz

periodically.
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Fig. 5 - 25 Settling Responds between 3.6GHz to 28.8GHz
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Fig.5-25 shows the measured settling response of the DLTC-PLL scaled from
28.8GHz down to 3.6GHz. The settling time that has been achieved is 426.05ns over
a 25GHz frequency range.

B. Measurement of Noise Performance

To effectively measure the functionality of the DLTC-PLL and corresponding noise
performance in different frequency ranges, the testing covered three frequency levels
from the high frequency band to the middle-band and the low frequency band. The
testing configuration is listed in the table 5-5. To investigate the highest achievable
frequency that can be provided by the DLTC-PLL, an external frequency generator is

used to provide a continually scalable reference clock by switching S[2:0] into free

run mode.
Table 5 - 5 Parameters of Testing for High, Middle and Low Frequency Band
High-band Middle-band Low-band
Reference Clock Free Run Mode 100MHz 50MHz
(S[2:0]) (000) (100) (011)
Dividing Ratio 128 128 192
(CON[2:0]) (000) (000) (100)
Output Frequency 29.4GHz 12.8GHz 9.6GHz

The corresponding phase noise performance is obtained and depicted in fig 5-26.

Carrier Freq 29.39241528 GHz
Carrier Power -31.34 dBm Atten 6.08 dB Mkr1 999.008 MHz
Ref —36.60dBc/Hz 55.2ps
10.08 :71.06 dBc/HZ|@1MHz offset
dB/
-68.33 dBc/Hz/ @10MHz offset
1 kHz Frequency Offset 1 GHz
Freq Offset Trace 1 Trace 2
1 kHz -32.7V8 dBcAHz -41.12 dBcAHz -———
18 kHz -45 .63 dBc/Hz -42.18 dBc/Hz -———
18@ kHz -B8 .52 dBcAH=z -B8.98 dBcAH=z —-———=
1 MH=z -72.55 dBc/AHz -71.86 dBcAHz -———
18 MHz -E2.88 dBc/H=z -2 .33 dBc/Hz -———
168@ MHz -51.21 dBcsH=z -B69.79 dBcAH=z —-———=
1 GHz -75.12 dBcAHz -77 .84 dBcAHz -———

()
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Carrier Freq 12.79996812 GHz
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Fig. 5 - 26 Phase Noise Performance (a) High-frequency Band (b) Middle-frequency Band
(¢) Low-frequency Band

Based on the theoretical analysis in chapter 4, one significant advantage of the DLTC-
PLL is that both the rising and falling edges of the reference clock are used to detect
the phase difference. With this topology, the converted currents that carry both phase
differences are merged together and jointly control the inductor peaking VCO.
Thereby, the loop bandwidth of the PLL can be set to be twice bigger than that of
single edge detection. It not only shortens the locking time but also suppresses the

inherent in-band noise of the VCO.
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For example, as shown in fig.5-26(a) which the highest achievable frequency from the
40nm design is 29.4GHz, the reference clock is about 229.6MHz with a division ratio
of 128. Originally, the loop bandwidth is required to be set less than 23MHz to
maintain loop stability (one of tenth of the reference frequency, according to the
‘Gardner’s Limit’[73]). However, by both edge detection, the loop bandwidth can be
raised to 45MHz. A similar outcome can also be observed in the mid-band frequency
(fig.5-26(b)) and low-band frequency (fig.5-26(c)) results. For the mid-band
frequency where reference frequency is 100MHz, the loop bandwidth is set to be about
22MHz. Similarly, the input reference for the low-band frequency is 50MHz, the loop
bandwidth of DLTC-PLL is set to be about 9MHz.

Table 5 - 6 Performance Comparison of DLTC-PLL with Recent Works

References [87] [48] [85] This Work
Technology 65nm 45nm 65nm 40nm
. . Dual-tuning
] Dual-tuning Dual-loop Dual-tuning ]
Architecture ) ) ) Triple Control
Ring Ring Ring ]
Ring
Reference
36MHz 100MHz 500MHz 100MHz
Frequency
Output
3.1GHz 2.5GHz 1.5GHz 12.8GHz
Frequency
Tuning Range 1.4~3.2GHz 1-8.5GHz 0.5-25GHz | 3.6 ~29.4GHz
(FTR) (78.3%) (152.9%) (133.3%) (157%)
Lock-up Time 8518 516 Few ms 426.05ns
Phase Noise
@ 1MHz -98dBc/Hz -106dBc/Hz N/A -95dBc/Hz
offset
Jitterims
2.23ps 1ps 1.93ps 3.49ps
(Integrated
(N/A) (IMHz~1.25GH?z) (N/A) (1KHz~1GHz)
Range)
Suppl
PRl 1.2V 2.5V 1.8V 1.1V/2.2V
Voltage
Power 25.8mw 70mw 4mwW 92mv
Active Area 0.32mm? 0.277mm2 0.1mm? 0.165mm?

The overall performance of the proposed DLTC-PLL is summarized in table 5-6,
associated with a comparison with other recent work. As illustrated in table 5-6, the
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proposed DLTC-PLL is compared with several recent demonstrations which are also
based on a dual tuning ring-based PLL structure. As it can be seen, the proposed
DLTC-PLL has reached the widest tuning range which gives the FTR of 157% (The
equation of FTR is introduced in (3.10)). The programmable tuning range is from
3.6GHz to 29.4GHz which is over 25GHz wide. Moreover, the fast locking function
has equipped the proposed DLTC-PLL with about 426ns locking time which is much
faster than the other dual-tuning PLL listed in the table. In addition to this, a moderate
phase noise and periodical jitter performance has also been achieved. Operating at a
12.8GHz output frequency, the phase noise at 1MHz offset is -95dBc/Hz. Besides, the
periodical jitter integrated over 1KHz to 1GHz is less than 3.5ps. Although the power
consumption is slightly higher than other demonstrations which is due to the multiple
power supply voltages used, the big advantage of the wide tuning range allows the
proposed PLL to be able used in the silicon photonics system, and from the perspective
of the whole system, this slightly increase in power is tolerable. On the other hand, the

power consumption is a trade-off with achievable frequency and bandwidth.

However, there are some differences on performance can be found if compare the
measurement results with the post-layout simulation results. Firstly, in terms of the
highest achievable frequency, up to 35.2GHz output frequency has been obtained by
the post-layout simulation (fig.5-20), while the measurement only reaches to 29.4GHz.
There are some factors may cause the degradation of frequency. One factor is the
inductor modelling and parasitic extraction. For example, if modelled inductance (S-
parameter) is larger than the inductance in fabricated silicon, the achievable frequency
of VCO is decreased which will directly lead to lowering the output frequency range
of PLL. Moreover, the modelled output load in simulation testbench is a combination
of 50 Q resistance in serial with 100nF capacitance (based on empirical value), which
underestimate the load in practical measurement. In addition to this, the measurement
frequency also affected by the testing environment. To testing the output frequency, a
high-speed probe is directly attached on the output port of silicon die to reduce the
load capacitance. However, a high impedance cable is used to connect the probe with

the spectrum analyser which may induce more loss on frequency.

116



Practical Implementation of Dual-loop Triple-controlled PLL

~N
o

T 1
-
&

N N
N B
ncy (GHz)
b
5w R
Gog

=20 —
I 0.011GHz N 22
a0+ gn Vi l &
z £ 12. t = 20
£18r in S 18
S S n. 3
] 16~ 4 g 16
w .4 15 1.6 17 1. =
s || e i SR 1 S Ao e e gp e i
I [ W L e e ——— e o e s
g 12 g 126 e Firrs "
10 10+
gl J
02 04 06 038 1 1.2 14 16 1.8 2 8- 3
h 02 04 06 08 1 1.2 14 1.6 1.8 2
Time (us) Time (us)
(a) 1pH Bonding Wire (b) 200pH Bonding Wire
26 15 26 15
2 ‘:1,‘_5 24 ’;14.5
= g = g 1.37GH
F22r S1s ./ 0sacH: T22r z13s B
Col g s LLUL LT LU S0l H
s:a' oo TR T T TTTTT T 9
g18 1 i g 181
g 16 - 311.5] g 16
o 11 [
S 1 s e, e i Sl
o Q
g2+ § 121
10 10

02 04 06 08 1 1.2 14 16 18 2 02 04 06 08 14 16 18 2

1 1.2
Time (us) Time (us)
(c) 1InH Bonding Wire (d) 2nH Bonding Wire
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On the other hand, another difference of performance can be found in periodical jitter
and phase noise. According to the post-layout simulation in fig.5-20, the jitter and
phase noise performance is better than that of measurement results. There are two
aspects should be considered for this difference. The primary reason is the bonding
wire effects. With a different length of bonding wire, the effective inductance of
bonding wire is varied. The resulted inductance combined with parasitic capacitance
will generate additional oscillation on the output and disturb the desired frequency. To
verify this assumption, different length of bonding wire is simulated by setting with
different effective inductance. The results are shown in fig.5-27. As it can see that,
with increasing the effective inductance of bonding wire, the fluctuation on the output
frequency is significantly increased. Therefore, to reduce the influence of bonding
wire, different integration technique is required and this will be discussed in chapter 7
for future work improvement. In addition to this, there is another aspect should be
considered which is the simulation time. As for the practical measurement, it is
implementable to run the test up to mili-seconds or several seconds. Therefore, the
jitter variation at relative low offset frequency is included. However, at post-layout
simulation, it is hardly possible to run such long transient simulation as the severe

timing cost. For example, 2 u s transient simulation may require about 2 days to
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complete. Therefore, the anticipated integrated jitter in simulation is less than that in

measurement. And for these reasons, the performance mismatches have existed.

5.7 Summary

This chapter has described the practical implementation of a novel dual-loop triple-
controlled PLL that was proposed in the previous chapter of this thesis. The
functionality and feasibility of the DLTC-PLL is demonstrated by fabricating it in the
TSMC 40nm technology process. To maximize the advantage of the inductor peaking

VCO with ultra-wide frequency tuning, two specific designs features have been made.

1) The power supply for the VCO is replaced by two voltage regulators which
allows frequency tuning scaling in the full control voltage range. In addition,
the corresponding modifications have been made on the charge pump and
adaptive DC shifter in order to be more compatible with VCO.

2) A reference clock scheme in association with an integer-N frequency pre-
scaler are created separately. Therefore, the wide range in output frequencies
are programmable and controlled by 6 digits bits (3 bits for reference selection
and 3 bits for the dividing ratio) which fully covers the VCO’s frequency

tuning range.

Additionally, a rail-to-rail output buffer was implemented and connected to the coarse
control voltage to investigate the settling time and to efficiently monitor the locking
response of the DLTC-PLL.

Based on the post-layout simulation and practical measurements, the functionality of
the DLTC-PLL was validated and the concept presented in chapter 4 has been verified.
The dual PFD detection successfully improves the settling time performance which
allows the loop bandwidth to be set at twice as large as a single PFD to suppress the
in-band noise further. According to the measurement results, nanosecond settling time
has been achieved. Moreover, the highest achievable frequency obtained was 29.4GHz
with a frequency tuning range over 25GHz. As compared with equivalent dual-loop
ring-based PLL, the proposed PLL has made a significant improvement on the settling
time and frequency bandwidth and provides an elegant solution for multiple clock

generation silicon photonic based communication systems.
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Chapter 6 Design Methodology and

Enhancement for Ultra-small Process

6.1. Introduction

The demand for intensive data applications, such as high-resolution base stations,
cloud-based computing and network base stations, has been rapidly developing. This
is a driving force for pushing the development of modern CMQOS technology processes,
structures and materials. As conventional poly-Si gates have reached their limits, the
technique of High-k/Metal Gate (HKMG) was introduced to allow continued gate
dielectric scaling together with reductions in transistor size and increases in
performances [134]. By decreasing the gate leakage and improving electrostatic
control, HKMG is particularly effective for increasing transistor’s transition frequency
(fr). An inherent benefit from the improved fr is that it reduces the challenges for
circuit designers operating in the realm of high-speed analogue circuits. Fig. 6-1(a)
illustrates the development of fr as geometries have reduced in size with modern

process nodes.

The explosive development of this technology process has posed new challenges,
particularly the increased noise. A higher noise floor can be observed in the HKMG

28nm process compared to the equivalent noise floor in different process nodes (such
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as 40nm and 65nm), which a comparison based on the simulation results of 28nm,
40nm and 65nm is shown in the fig.6-1(b).
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Fig. 6 - 1 Comparison in Different Process Node (a) Transition Frequency fr (b) Noise Floor

In addition, the layout design methodology is also a significant factor in improving
performance, especially in high-speed analogue applications. Therefore, in this
chapter there are two research subjects will be investigated using two practical design
cases based on HKMG 28nm process.

1) A methodology for simplifying the design of transistor’s finger width at
layout stage as this is the primary design technique to be applied.
2) Aninductor peaking VCO is used as a test circuit and modified to compensate

the performance of phase noise.

6.2. Design Case I: Advanced Layout Techniques for High-

speed Analogue Circuits

A reduction of standalone single transistor’s width on improving analogue
performance in the HKMG process has been presented in [134]. However, the

situation starts to become more complex when the individual transistors are placed in
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the context of an analogue circuit. One of the key issues in ultra-small process nodes
is that unlike the standard design process for the basic transistor dimensions, the
selection of the individual finger width (Wr) of the transistor and the number of fingers
is not usually analysed in detail, other than typically to carry out a common centroid
design to optimize device matching. Unfortunately, for modern small geometry
processes, this specific aspect of the design has emerged as a significant challenge in
practical circuit design scenarios, as the individual layout of each transistor becomes
much more of a factor in overall performance. The aim of this section is to investigate
the effects of different finger widths in transistors and the resulting relationship to

analogue circuit performance in the 28nm HKMG CMOS process.
6.2.1. Circuits Details

Fig. 6-2 shows an inverter-based high speed oscillator structure which was selected as
a suitable practical test-bench circuit as it has clear and specific performance metrics.
The circuit was used to evaluate optimal finger width for best performance in high-
speed applications. An oscillator topology with three delay stages was implemented
to satisfy Barkhausen’s criteria for oscillation. Two stages of self-biasing common
source amplifiers follow the oscillator as an output buffer to provide 50Q impedance
matching for testing purposes. The output buffer structure is identical to that given in
fig. 3-7 (c) as shown in chapter 3. A DC blocking capacitor was placed between the
oscillator and buffer to reset the operation point, and therefore dummy loads were
inserted to ensure that each delay stage in the oscillator had a similar load, thereby

reducing the influence of unbalanced oscillation in practical measurements.

1<+ [Inverter-based Oscillator —» 50 Q Impedance
- —

Output Buffer

CloacT 50 Q

Fig. 6 - 2 Implemented Inverter-based Oscillator Example Structure with 50Q Impedance
Output Buffer
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As the process intrinsic mobility of the N-type MOSFET and P-type MOSFET is
different, the width of My is twice as big as M; to ensure that the drain voltage is

approximately half of the power supply voltage (VDD).

In the basic layout implementation, at least one contact via is required to be placed at
both the drain and source terminals, as illustrated in fig.6-3. The width of a single via
in the process (to satisfy the minimum metal enclosure constraints in the design rule)
is 210nm and therefore the minimum finger width of the transistor is required to be
220nm with a small margin to account for tolerances as defined in the layout design
rules. To evaluate the effect of finger width on performance, three different finger
width oscillator examples were selected and fabricated in the 28nm HKMG CMOS
technology node, with the finger widths defined in each benchmark circuit as 220nm
(1X Via), 440nm (2X Via) and 880nm (4X Via) with a minimum transistor length of
30nm. To ensure that the finger width of the transistor is the most significant factor in
the design, all of the NMOS and PMOS elements used in the different oscillator

benchmark circuits were given the same transistor dimensions.

High-k/Metal
Gate

wuQ¢e

Contact Via

Fig. 6 - 3 Single Transistor with Minimum Finger Width

The key parameters of each design are shown in table 6-1.
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Table 6 - 1 Key Parameters of Three Oscillator Examples

Design Examples Oscillator 1 Oscillator 2 Oscillator 3
Finger Width (Ws) (nm) 220 440 880
220*32 440*16 880*8
M1(WI/L) (1 m/nm)
7.04 /30 7.04 /30 7.04 /30
220*64 440*32 880*16
M2(WI/L) (1 m/nm)
14.08 /30 14.08 /30 14.08 /30

To minimize the impact of variation from the layout design and position of circuits,
the three oscillator examples with different finger widths were implemented with the
same basic layout structure, as presented in [135]. Fig. 6-4 indicates the optimal
transistor layout with a finger width of 440nm. The gate of the transistor is contacted
at both ends with metal 1(M1), merged and then built up to a thick metal layer (M>).
The source of the transistor is connected to both sides of the bulk with three thin metal
layers (M2, M3z and M) to allow sufficient current flow. Moreover, to minimize the
interconnect resistance; the drain terminal of the transistor is connected through a thick
metal layer (My).

Source+Bulk
(M2+M3+M4)

Fig. 6 - 4 Optimal Transistor Layout with a Finger Width of 440nm

Fig. 6-5(a) shows micrographs of the three oscillator design examples. The power

supply for each oscillator example was provided separately. The fabricated silicon die
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was then mounted on a standard printed circuit board (PCB) with the DC Pads directly
bonded via wire bonds to the PCB. The high-frequency output signal was fed into a

spectrum analyser through an RF probe.

Fig. 6-5(b) shows the detailed layout of a single delay cell in the different finger width
oscillators. As the individual finger widths in each oscillator reduced, the number of
fingers required is increased which leads to a slight increase in area of each delay cell.

This increase in area will lead to a greater parasitic capacitance as the number of

fingers increases.
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Fig. 6 - 5 (a) Microscope View of Three Oscillator Examples (b) Layout View of Delay Cell
of Three Oscillator Examples

Table 6 - 2 Cell Area and Parasitic Parameters of Three Oscillator Examples

Design Examples Oscillator 1 Oscillator 2 Oscillator 3
WH (nm) 220 440 880
Cell Area (1 m?) 41.69 27.65 23
Coate_par (fF) 0.011 0.0082 0.0073
Cdrain_par (fF) 0.013 0.0109 0.0105
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One inference that can be drawn is that oscillator 1 (Wf = 220nm) suffers more
parasitic influence than that of oscillators 2 and 3. Table 6-2 has listed the cell area
and corresponding parasitic parameters of the single delay cells of the oscilltaors with
different finger widths. The parasitic capacitance at the gate and drain nodes are
extracted by Calibre PEX.

The parasitic capacitance at the gate (Cgate par) and drain (Carain_par) SUM to the total
parasitic value (C+CC). As the results shown in table 6-2, oscillator 1 (Wf = 220nm)
has 33.7% and 45% larger cell area than oscillator 2 and oscillator 3 respectively.
Therefore, the extracted parasitic capacitance at both gate and drain nodes of oscillator
1 are higher than that of oscillators 2 and 3. The gate capacitance is especially high
since longer low layer metal tracks are used to connect to both sides of the gate. The
gate capacitance of oscillator 1 is increased by 25.5% and 33.6% compared to that of
oscillator 2 and 3 respectively. This result is consistent with previous assumptions that
small finger width transistor require a large layout area which will lead to more

parasitic capacitance.
6.2.2. Experimental Results

To investigate the optimal finger width for high-speed analogue applications, three
performance aspects were taken into consideration including the oscillation frequency,
power efficiency and phase noise (PN). The measurements were conducted at room
temperature while the performance of the oscillator examples was monitored while
varying the supply voltage from 0.4V to 1V. The three different oscillator examples
were measured independently. The testing results presented in this section were
measured from 6 different silicon samples, three of them from wafer 1 and the other

three from wafer 2.

Fig. 6-6 shows the oscillation frequency of the three different oscillator examples
against the power supply voltage. The data presented in this figure is the average of
the results from 6 different samples. It can be clearly seen that oscillator 3 provides
the highest frequency. While oscillator 1 has a relatively low frequency output. As
noted previously in section 6.2.1, the reduction in individual finger width results in an
increased layout area which thereby brings about more parasitic capacitance. As
consequence, the oscillation frequency is reduced. In the case of oscillators 2 and 3,

twice the number of fingers were used in oscillator 2 than in oscillator 3, which in turn
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caused the layout area to be approximately 17% larger, however the oscillation
frequency of the two oscillators remains very close (= 6% difference). When
comparing oscillators 1 and 2, where the number of fingers was also doubled, there
was a larger (33.7%) increase in the layout area and a consequent 10.6% drop in
oscillation frequency. Therefore, a larger finger width seems to be better at providing

good high frequency performance while saving cost due to reduced chip area.
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Fig. 6 - 6 Averaged Measurement Results of Oscillation Frequency of Three Oscillator
Examples

Power efficiency is another important aspect for designers in high-speed analogue
applications. In this experiment, since the transistor dimensions of the three oscillator
examples are the same overall, theoretically, the current consumed by each oscillator
should also be the same. However, by considering the parasitic effects introduced by
the layout, both the oscillation frequency and power consumption could vary
dramatically from theoretical predicted values. Therefore, instead of comparing just
the power consumption at different power supply voltages, the amount of energy that
is consumed within each oscillation cycle is normalized to the frequency, using (6.1).

__Ppc
Ecycle - a 6.1
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where Ppc is the power consumption and fosc IS the corresponding oscillation

frequency.
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Fig. 6 - 7Averaged Measurement Results of Power to Frequency Efficiency of Three
Oscillator Examples

Fig. 6-7 shows the comparison of power-to-frequency ratio between the three different
oscillator examples. Oscillator 3 consumes less energy within each oscillation cycle
over the whole power supply range. The power that is consumed by oscillator 2 is very
close to that of oscillator 3. As for oscillator 1, a considerable difference has been
observed. The energy that is consumed within each oscillation cycle is about 8.5% and
14.92% higher than for oscillators 2 and 3 respectively. Therefore, in terms of the

power to frequency ratio, a larger finger width provides a better power efficiency.

Another important performance metric in an oscillator is the phase noise (PN). To
investigate the effect of finger width on the oscillator’s noise performance, the PN is
measured at the highest oscillation frequency of the oscillator. Fig. 6-8 shows the
measured results of phase noise of three oscillators at 10MHz offset frequency and its
corresponding frequency spectrum. Although oscillator 3 has the highest frequency,
the RF noise is worse than the other two oscillators. Equation (6.2)[136] is used to
calculate the spectral density of the thermal noise in a single transistor. Rg is total gate

distributed resistance and Nringer iS the number of transistor fingers. The smaller the
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transistor finger width, the more fingers that are required, therefore, the gate

distributed resistance is reduced, which contributes less noise.
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Fig. 6 - 8 Measured Frequency Spectrum and Phase Noise Results at 1MHz Offset
Frequency of Three Oscillator Examples

The averaged phase noise results of 6 samples are summarised and plotted in fig. 6-9.

As each oscillator example has advantages in different aspects, Figure of Merits
(FOMs) is used to trade off the advantages of the different finger widths, which the

averaged values can be calculated by (6.3)[137].

-1 FOM = 2?:1(

—PN; (foffset) + 20 10g fosc.i

128

ffset

— 1010g%)(6 3)



Design Methodology and Enhancement for Ultra-small Process

-60

I
~
o

T

1
®
o

T

1
O
(=]

T

-100 -

Phase Noise (dBc/Hz)

I
[y
et
o

T

1
-
N
o

-130

Finger Width
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Fig. 6 - 9 Averaged Phase Noise Performance of Three Oscillator Examples

The PN results summarized in table 6-3 is the averaged results of 6 test samples.

Table 6 - 3 Averaged FOM of Three Oscillator Design Examples
.Design Examples Oscillator 1 Oscillator 2 Oscillator 3
Frequency (GHz) 12.3 13.6 14.42
Area (mm?) 0.0007 0.00042 0.0003
Power (mW) 2.9 2.92 2.88
PN dBc/Hz @ 10MHz -93.47 -92.75 -87.38
Averaged FOM 140.7 142.0 138.4

applied to the next design case.
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Although oscillator 2 has not obtained the best performance in any of the individual
criteria: oscillation frequency, power efficiency or the phase noise, the overall
performance (=142) is better than that of oscillators 1 and 3. On the other hand, another
trade-off that should be taken into consideration is the area aspect. Larger finger width
is easily to provide higher frequency with smaller area. However, this should be
decided in association with overall performance. Surely, advanced analogue circuit
design requires careful trade-off among the specifications of bandwidth, power

efficiency, noise and layout area. The design methodology presented here will be
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6.3. Design Case II: Inductive Peaking VCO with Cascode

Noise Reduction

Previously in chapter 3, a ring based VCO with inductive peaking technique has been
proposed. It was designed to cover a frequency bandwidth up to 25GHz in a 65nm
technology process. However, when this structure is applied to a more advanced
process node (28nm), it suffers from severe adverse effects of transistor noise,
especially for high frequency applications. The noise performance of VCO is
fundamental the in-band noise performance of a PLL. The phase noise induced by the
flicker noise is given as (6.4)[28].

K 1 1 2
L) = NC {/2 <W L + w L )fosg ©.4)

oxVerr \Wn—effln-eff p-efflp-eff) [
This equation indicates that the phase noise increases with the oscillation frequency
(fosc). Therefore, the aim of this section is to provide an alternative approach (by
biasing the transistor into the deep triode region) for reducing noise contribution in a

28nm CMOS process for high-speed analogue design.
6.3.1. Inductive Peaking VCO with Cascode Noise Reduction
A. Noise Analysis of Single MOSFET in Different Operation Region

Before analysing the proposed noise reduction VCO, it is necessary to evaluate a
single MOSFET’s noise behaviour in different operation regions. The noise behaviour
of common CMOS devices is dominated primarily by two noise sources which are
thermal noise and flicker noise. The drain current power spectral density (PSD) of a
MOSFET’s thermal noise is given in (6.5)[138].

12 = y4kTg,, 6.5)

where k is Boltzman’s constant, T is the absolute temperature, gm is the conductance
at different operation region. y is a complex function of the basic transistor parameter
and bias condition. In the saturation region, y = 2/3, with 1 >y > 2/3 in triode
[138]. Thus, (6.5) can be rewritten for the specific range of operation as (6.6) for
saturation and (6.7) for triode.
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2 = 2 kT g, (6.6)
12 = 4kT gy, (6.7)

where g4, is the channel conductance at zero drain-source voltage (Vps). The channel
of the MOSFET can be treated as a homogeneous resistor when Vps is 0, which results
inasmall g4,. Therefore, compared to the saturation region, the MOSFET suffers less

thermal noise effects in the triode region when the other parameters are the same.

Several theoretical and physical models are combined together to explain the flicker
noise in a MOSFET. According to the theoretical analysis in [129, 139], it is accepted
that the causes of flicker noise are mainly due to the mobility fluctuation and carrier
density, for which models are expressed by the Hooge empirical relation and the
McWhorter number fluctuation theory. However, due to the complexity of the flicker
noise models, it is impractical for design space exploration [129]. In terms of analogue
circuit design, the most popular flicker noise equation used for hand calculation is an
empirical model shown in (6.8)[129].

Kf 1

ngWL/: (6.8)

1,2 —
vp =

where Coxis the oxide capacitance per unit area, Ky is the flicker noise coefficient.

According to (6.8), it is straightforward to find that the common factor for decreasing

the flicker noise is to increase the MOSFET’s dimensions (WL).
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Fig. 6 - 10 Comparison of Width versus Flicker Noise in Triode and Saturation Region
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Fig. 6-10 shows the comparison between MOSFET’s width and flicker noise in terms
of same drain-source current (lgs) in both saturation and triode regions. All the
following simulation results are based on HKMG 28nm technology process while the
length of transistors are set to minimum size (L=30nm). To bias the MOSFET into the
saturation region, Vgs (gate-source voltage) and Vps (drain-source voltage) are set to
power supply voltage (VDD) while Vps sets to one tenth of VDD for biasing MOSFET
into deep triode region. The width of MOSFET in the triode region is larger than that
in the saturation region, to provide enough gm to obtain the same lgs, which results in

over more than 3 order improvement of flicker noise.

The flicker noise can also be presented as a noise-current source connected between
drain and source instead of a noise-voltage source in series with the gate. In this case,

the PSD of the noise-current source is given by (6.9)
l]% = gmzv} (6.9)
And substituting (6.9) into (6.8) gives (6.10)

Kplgs 1

2
If = Conl? T (6.10)
where lgs is proportion to the change of Vps. Therefore, the drain current noise

increases with the increase of the Vps.

-140 - ; M :
-160 —Vds=900mV
\ —Vds=700mV
-180 - Over 63dB ‘Vds=500mV
_3_200_ lefer\(inces —Vds=300m\V LI
N ~—Vds=100mV

T _220
~N

2 240 Over 45dB
3 Differences
o -260- 1
v

v
5 -280 -

z

-300

-320+- Corner ==

gl VUG LU UL ] Freaueney | LU | [T

102 103 10* 10° 10° 107 108 10° 10"

Frequency (Hz)
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Fig. 6-11 shows the noise floor versus the change of Vps. With the decrease of Vps
scaling down from 900mV to 100mV, the MOSFET is gradually biased into the triode
region, and the overall noise floor is reduced by over 63dB in the low frequency range
(before the corner frequency) and reduced by 45dB in the higher frequency range
(higher than the corner frequency). The noise floor in fig. 6-11 combines both thermal
noise and flicker noise and cover the frequency ranged from 100Hz to 10GHz. The
results indicate that, for a single MOS transistor, the overall noise contribution in
triode region is much less than that in saturation region, which indicates that the

approach can be applied in the VCO design for improving noise performance.
B. Inductive Peaking VCO with Cascode Topology

Fig. 6-12(a) is common source delay stage with inductor peaking. Because the VCO
is connected end to end, the DC voltage at node B is as same as the node A, which
make the Vgs and Vps of My the same value. Therefore, My is always operating in the

saturation region across the whole frequency tuning range.

Fig. 6 - 12 Delay Cell of Inductive Peaking VCO (a) Conventional (b) Proposed with
Cascode Noise Reduction

The proposed common source delay stage with cascode noise reduction is presented
in fig. 6-12(b). A transistor M is placed in middle of M and the load which is biased
by Vbias. Va is still the same as Vg, but the drain-source voltage of M1 (Vc) is now equal
to Vg — Vpsm2, Which makes M; operate at triode region. The equivalent resistance of

Ms increases with Vcr raising up, which makes Vg decrease and operates Ms further
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into deep triode region to obtain better noise performance. To demonstrate this concept,

the DC operation points at node A, B and C are illustrated in fig. 6-13

0.8

KJ)

0.6

4

50.4

£ 0 | . 4

g O-L - - : H

O 4 !

a 0 ' ‘

0 0.1 0.2 0.3 0.4 0.5 6 0.7 0:8 0.9
(a) Voltage Control (V) ! H
' ]
4r : ' -

" [ ]

- : :

06)7 3 < > :: o ,:. |

o Deep Triode Region ! < > !

.5 2r Vs = Vin> Vos ' Sub-threshold !

= .

T 10 L N & o Region

8 Ves = V<0

6 0.1 0.2 0.3 0.4 0.5 0.6 0.7 0.8 0.9

" (b) Voltage Control (V)

Fig. 6 - 13 Investigation of DC Voltage Level at node A, node B and node C (a) DC Voltage
Level scaling with Control Voltage (b) Operation Region scaling with Control Voltage

As it can see from fig. 6-13(a), the DC voltage level at node A and node B are at the
same value while DC voltage of node C is decreased by the inserted transistor M>
which the result is expected by the theoretical analysis. Therefore, M1 no longer
operates in the saturation region because of the decreased DC voltage level at node C.
The operation region of My is illustrated in fig. 6-13(b). According to the definition of
the region in spectreRF simulator, region 1 represents the triode region while 3
represents the sub-threshold region. As results, it can be found that M1 operates in
triode region for the most of the control voltages rather than in the saturation region.
Thereby, the noise contribution of My is suppressed by biasing transistor into triode
region. However, it also should note that, with continually decreased of the control
voltage, the Vgs of M1 is gradually lower than its threshold voltage which makes M;
into the sub-threshold region. Since the VCO maintains the function of oscillation by
leakage current in the sub-threshold region, the noise floor of VCO is kept in a low
level as the small value of leakage current. However, because the leakage current is
too small to support a high frequency oscillation, the operation of the sub-threshold
region is only happened in a relative low-frequency range where the control voltage

approaches to the power supply.
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Fig. 6 - 14 Proposed Three Stages Inductive Peaking VCO with Cascode Noise Reduction

Fig. 6-14 is a demonstration of a three-stage inductive peaking VCO with cascode
noise reduction. Neglecting the body effect of M, the transfer function can be obtained
(6.11)

VOu
H(S) = V_t = —Imi1Routs Rour = RL”RcaS (6.11)

mn

where gm1 is transconductance of M1, Ry is the combination of load impedance and Rcas
Is the resistance of cascode structure. Reas and R are given by (6.12)[136] and (6.13)
respectively.

Reas = GmaTps1Tpsz2 + Tps1 + Tos2 = ImaTps1Tps2 (6.12)
where r,5,and rpg,are represented as the drain-source resistance of My and Mo.

Refr+sL
SZLC+SReffC+1

= (6.13)

The C denotes all the capacitance appeared at Vouit node and Rerr is the variable
resistance of the load. Substitute (6.12) and (6.13) into (6.11), it gives Rout as (6.14)

SLRcgstReffRcas
S2LCRcqs+S(CReffRcas+L)+Reff+Rcas

Rout = (6.14)

By reorganizing (6.14), the natural frequency(w,,) and damping factor (¢) for a 2"

order system are obtained as defined in (6.15).

1 R R Cc R
LC Reas 2 A|LReastReff
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A comparison simulation was conducted between the conventional inductor peaking
VCO presented in [137] and the proposed VCO to evaluate the noise reduction
performance. All the transistors in both structures were set to the same dimensions.
The phase noise at the 1MHz frequency offset is investigated and presented in fig. 6-
15. The VCO with cascode noise reduction has improved phase noise during the full
range of the control voltage, and the biggest difference (13dBc/Hz) happens when the
VCO operates at its highest frequency (Vcr=0).
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Fig. 6 - 15 Phase Noise Comparison between Conventional Inductive Peaking VCO and
Proposed Cascode Noise Reduction VCO during All Frequency Tuning Range

6.3.2. Design Example

The following design example shown in fig. 6-16(a) is a fully differential inductor
peaking VCO with cascode noise reduction realized in the HKMG 28nm CMOS
process node. Due to the benefits outlined earlier in previous section, a finger width
of 440nm is applied for key transistors in order to obtain balanced overall performance.
By implementing a two stage ring structure, this example can provide a quadrature
output which is useful for applications that requires multiple clock phases. A
differential 50Q2 output buffer is followed by the VVCO for providing better impedance
matching. Fig. 6-16(b) is the delay cell that applied within proposed VCO with the
key parameters listed in table 6-4. The transistors applied within each delay cell are
low threshold type (LVT) to allow fast switching activity and higher transition

frequency.
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Fig. 6 - 16 Design Example (a) Top Structure of Differential Quadrature Inductive Peaking
VCO with Cascode Noise Reduction and its Output Buffer (b) Differential Delay Cell of
Proposed VCO with Symmetric Inductor (c) Layout View of Fully Customized Symmetrical
Inductor

Table 6 - 4 Key Parameters of Design Example

VDD (V) 1
Finger Width (Ws) (nm) 440
M1 (W/L) (jm) 17.6/0.03
M2 (W/L) (um) 26.4/0.03
M3 (W/L) (jm) 54.6/0.03
Inductance (pH) =283.7
Peak Q@GHz 13.3@36

To improve the immunity to environment noise, a symmetrical differential inductor is
used instead of single end inductor. For practical reasons, two single end inductors
need to be placed certain distance apart to avoid cross interference, which leads to a
larger overall area and will potentially increase parasitic effects on the signal traces.

In contrast, differential inductors can save much more space. The layout view of fully
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customized symmetrical inductor is displayed in fig. 6-16(c), which the overall area
of inductor is 2263m?.
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Fig. 6 - 17 Layout View of Proposed VCO

The layout view of proposed VCO is shown in fig. 6-17. The core dimension of VCO
is only take 0.013mm? while most of the rest of the chip area is taken up by the output
buffer.

6.3.3. Simulation Results

To model the practical testing environment more accurately, a simulation test bench
was produced as shown in fig. 6-18. The power for the core VCO and output buffer
are provided separately by two DC sources, thus, the power consumption for each
block can be monitored by measuring the current in each source directly. Additionally,
the dimension of each DC pad is 60pm*70m, which only allows one bonding wire
to be attached per pad. Therefore, multiple DC pads are used in the layout design to
connect the power signal. This is also considered in the simulation test bench by using
multiple parallel inductors to reduce the overall effects of the bonding wires. As the
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inductance of a bonding wire is affected by its length, in the simulation it is assumed
that each DC bonding wire has same effective inductance which is 200pH.
VDDyco
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Fig. 6 - 18 Simulation Testbench

The frequency tuning response was obtained using post-layout simulations and
includes all parasitic effects (R, C, and L); this is shown in fig. 6-19(a).
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Fig. 6 - 19 Post-layout Simulation Results (a) Frequency Tuning Range (b) Phase Noise
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The maximum frequency reached was 39.03GHz with a power consumption of
24.55mW (excluding the output driver). The overall frequency tuning range covers
more than four octaves, which meets the requirements of data rates in modern high-
speed transceiver systems. The phase noise at the highest frequency is plotted in fig.
6-19(b). A phase noise of -106dBc/Hz and -86dBc/Hz running at 10MHz offset and
1MHz offset were obtained. In addition to this, the phase noise results at different
control voltage are also investigated and displayed in fig.6-20. although the phase
noise performance gets a slightly worse at the middle band frequency which is caused
by smaller Q factor, the overall performance over full control voltage is less than -
80dBc/Hz at 1MHz offset frequency and -102dBc/Hz at 10MHz offset frequency.
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Fig. 6 - 20 Phase Noise Performance Scaling with Different Control Voltages

To evaluate the performance of the proposed VCO, the figure of merits (FOMs) are

presented in the table 6-5. This work obtains 189.2 FOM comparing with recent works.

Table 6 - 5 Performance Summary and Comparisons

References [64] [48] [140] This Work
Process 65nm 45nm 28nm 28nm
Tuning Range (GHz) 2-8 1-8.5 0.6-3 1.7-39
FTR 120% 157& 133% 184%
Ppc (MW) 6.4 8 7.3 24.55
PN -101 -114.9 -126.5 -106
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dBc/Hz @ @1M @10M @1M @10M
foft/fosc (GHZ) /4.2 /2.5 /1.5 /39
FOM 187 177.7 183.4 189.2

The calculation of FOM and FTR can refer to the equation (3.9) and (3.10) that are

shown in chapter 3.

6.4. Summary

In this chapter, two specific design cases are presented, to explore a design
methodology for high-speed analogue applications in 28nm HKMG CMOS

technology process.

In the first design case, the effect of optimizing transistor finger width for high-speed
performance in analogue circuits is studied. It reveals that, although the dimensions of
transistors are overall the same, the performance of high-speed circuits could be varied
by applying different finger widths. The selection of finger width for high-speed
design is a very significant step during the layout stage and presents a trade-off
between bandwidth, power efficiency, noise and layout area, particular for modern
deep-sub micron technology nodes such as 28nm. The theory demonstrated by the
three oscillator design examples, provides an elegant solution simplifying finger width

optimisation.

In the second design case, the optimized finger width from the first design case is
applied to a more sophisticated circuit for high-speed design. The structure of inductor
peaking VCO that is shown in chapter 3 is used as a test circuit. Furthermore, to
compensate the process-caused degradation of noise floor in 28nm HKMG process, a
cascode structure is applied within the inductor peaking VCO to operate the switching
transistor in the deep triode region, where the transistor has better noise performance
than the normal approach of using transistors in the saturation region. The analysis
indicates that the proposed cascode structure can achieve better phase noise while the
characteristics of ultra-wide tuning range of inductor peaking VCO is maintained.

One significant conclusion is that the development of technology process has indeed
improved the performance of the circuit with the same topology, while considering

key design parameters including; frequency, power consumption and area. To
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maximize those benefits in more advanced process nodes, especially true in high-

speed analogue design, a more careful design approach is required and has presented

in this chapter.
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Chapter 7 Conclusions and Future

7.1 Conclusions

As the increased demands of data intensive applications and the era of tera-scale
computing approaches, a new type of technology called silicon photonics has caught
the eye of the world and rapidly developed in the past few decades. Meanwhile, it is
precisely because of the emergence of a new technology that some specific
functionalities and performance metrics are driven to be improved. The clock
generation system as a critical part for future silicon photonics based application has

became the core purpose of this PhD research work.

The whole thesis is developed around providing a broadband clock generating solution
for use in short reach silicon photonics communication system. In order to fulfil the
requirements of high-speed and multiple protocols, the research has various targets
including high oscillation frequency, wide tuning range, fast locking and multiple
phase clock outputs. During the research work, a novel RO-VCO integrated with an
inductor peaking technique was proposed in order to extend the frequency tuning
range and bandwidth of such systems. The principle of the idea has been verified
through four design examples in two different technology processes. Moreover, the
proposed VCO is embedded onto a new PLL topology to achieve the targets for clock
generation. Finally, design methodologies on high-speed analogue applications have
been realized in order to adapt to the evolution of the CMOS process. Two specific
design cases are implemented in the 28nm HKMG process to fully utilize the

advantages of the new CMOS process and mitigate the corresponding side-effects.
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In addition to the proposed structure within this thesis for fulfilling the purpose of
generating a clock signal, the more important conclusion should be addressed is the
design methodology of high-speed analogue application, especially when frequency
reaches to millimetre wave realm. Firstly, the usage of inductor becomes a necessary
technique for expanding the system bandwidth and has been widely applied in many
high-speed application. The speed of the circuit is limited by the parasitic capacitance
which leads to the bottleneck on the bandwidth in high frequency range. Therefore, by
using inductors, the degradation of insufficient bandwidth caused by this capacitance
is compensated. Moreover, the type of inductor is another factor of trade-off when
applying an inductor to the system. For example, the active inductor has the smallest
area while suffering from transistor noise and limited bandwidth; the thick metal
inductor has highest Q factor but occupies larger chip area; the stacked layer inductor
sacrifices part of the performance of Q factor to condense the area cost. These are the
aspects that should be carefully considered by the designer when using an inductor to
pursue high-speed performance. On the other hand, another aspect that benefits high-
speed analogue design is the development of the technology process. For example, the
increasing fr of transistor allows faster switching activity which is the primary reason
why circuit can operate in higher frequency with more advanced process. In addition,
with scaling down of transistor size, the gate capacitance is decreased which results in
using smaller inductance. Thereby applying inductor technique becomes more
efficient on bandwidth extension and area compacting in sub-micro process node.
However, the challenges also exist with the development of technology. The supply
voltage is decreased with scaling of process node. In terms of high-speed requirement,
less power supply poses a great burden on available voltage room for each transistor.
Moreover, this situation becomes worse with more complex circuit structure.
Therefore, more elegant and simply architecture is required to maximize the
advantages of more advanced technology process. Lastly, the design methodology of
layout plays a significant role on guarantee high performance outcome of high-speed
implementation. With increasing of achievable frequency, the influence of parasitic
capacitance is getting severe as the equivalent impedance between metal layer and
substrate is smaller. This will significantly degrade the speed of circuit. Therefore, the
top metal layer is required to be used for routing high frequency signals in order to

reduce the coupling capacitance to the substrate. Furthermore, in a high-speed
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application, the signal wiring is no longer a metal track for simply transmitting data or

connecting port, but also a transmission line to avoid signal reflection and crosstalk.

The contributions of this thesis are listed as follows in more detail.

1)

2)

3)

4)

The proposed inductive peaking VCO presents an idea to combine the
advantages of two different types of classic VCO together to acquire both a
wide tuning range and a high achievable frequency. From the perspective of
performance, no other research work has yet presented a VCO structure (ring-
based and LC-based) that is capable of covering over 25GHz frequency tuning
range with a moderate phase noise performance. To the authors’ knowledge,
the experimental results demonstrate the best figure of merit in the field and
the best combination of frequency and tuning range. Moreover, the novel
VCO structure proposed in the thesis makes ultra-wide frequency tuning
possible and provides more options for multiple clock outputs from a PLL.
More importantly, by practical implementation, it is demonstrated that stacked
inductors show significant advantages on producing a compact design area
and decreasing parasitic capacitance comparing with thick metal inductors.
This advantage becomes more obvious in more advanced processes which
allows the idea of applying inductors to other types of circuit for high-speed
performance.

Theoretical analysis and discussions have been conducted on embedding the
proposed ultra-wide tuning range VCO with various popular PLL structures.
Unfortunately, none of those structures has the capability to deal with the high
sensitivity of the wide band VCO and provide stable controllability. By
contrast, the proposed DLTC-PLL in this thesis not only successfully resolves
the above issues but also fulfils the demands of a broadband clock generation
system in terms of high oscillation frequency, wide tuning range and
nanosecond level locking time. Compared with other recent work, the
proposed PLL structure provides an elegant solution for multiple protocol
compatibility in future silicon photonics communication systems.

Another important contribution of this PLL structure is that it provides an
alternative solution for generating broadband clock signals and exploits the

use of a ring-based VCO in high speed applications.
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5) Regarding the important role of layout in practical circuit implementation, the
thesis presents a methodology for designing high-speed analogue circuits from
a new perspective. Although different references in the literature have
investigated same concept, they are all from the point of view of a single
transistor, while this thesis supplements the concept and brings the discussion
into more the complex situation of a real, high speed analogue circuit. By
investigating the relationship of different finger widths and the primary
performance of analogue circuits, the thesis provides a guidance on making
decisions on finger width at the layout stage and gives a direction to further

exploration from the finger width point of view.

7.2 Future Work

There are several potential research areas behind this PhD work can be undertaken in

the future. Briefly, the further research contains the following areas for investigation:

The first aspect is the improvement of the integration and measurement approach. The
integration technique used in this thesis is based on wire bonding for all the practical
design cases. However, the parasitic inductance of the bonding wire greatly impacts
the performance of the circuit designs, especially when the operation frequency

reaches the millimetre wave regime.

/ Bonding wire  Ejactrical
Silicon Die

| ;=350p.m ’l

High-speed PCB

Electrical
Silicon Die

Micro-ball

High-speed PCB

(b)

Fig. 7- 1 Illustrations of Integration (a) Wire Bonding (b) Flip-chip Bonding
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Fig.7-1(a) illustrates the wire bonding integration of a PCB with a silicon die. The
electrical silicon die is usually 300pm to 350pm thick. For a short bonding wire of
approximately 800pm to 1mm length, according to [141], the equivalent parasitic
inductance per millimetre bonding wire is roughly 1nH. Moreover, different position
of PCB designs with respect to the silicon die will lead to different lengths of bonding
wire. Therefore, another integration technique needs to be applied in high-speed
analogue design. An attractive solution is using flip-chip bonding integration, as
shown in fig.7-1(b). The bonding wire is replaced by micro-balls which a diameter of
about 55pm to 60m. Thereby, the distance that signal travels between silicon die and
PCB is greatly reduced and consequently, so are the parasitic effects. However, the
challenge of this future work is, for the specific design case of a PLL in a 40nm CMOS
process, the PAD pitch applied is 100pm while the minimum track gap that can be
provided from PCB fabrication is 75m which is not enough space to flip a 40nm chip
onto the PCB directly. Therefore, a new integration approach is required to get

compatibility between those standards, in associated with a corresponding PCB design.

| Quadrature Phase |

n, | Reference | \/

Rising Edge Rising Edge

PFD/CP PFD/CP
P—PD—D

Falling Edge Falling Edge
tefmio oy

Divider Divider

Fig. 7- 2 Potential Circuit Design based on DLTC-PLL

Secondly, the potential circuit design can be built upon the proposed DLTC-PLL
topology. The idea of detecting both the rising and falling edge of the reference clock
is realized which could double the loop bandwidth. Not only does it benefit the phase
locking performance but also further supresses the VCO’s in-band noise. However,
only a single reference is applied to the proposed PLL. If the design can be correctly

operated with interleaving reference clock pulses, then the performance and use of the
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proposed structure can be enhanced. Fig.7-2 illustrates a possible topology. A
quadrature reference clock is incorporated with a quadrature phase output VCO, and
the desired frequency can be calibrated every quarter period of the reference clock to
further improve the jitter performance of the PLL. However, the challenge is the
potential timing mismatch between two dividing paths. Furthermore, a new structure
of PLL may be required to correlate the detected phase differences and merge them

together to precisely control the VCO.

Finally, a clock generation system for other silicon photonics based applications is
interesting future work. In this thesis, the clock generation system is mainly focused
on the broadband use in silicon photonics applications. However, in a pilot research
project within an emerging field, unforeseen technique solutions always emerge. One
of the recent research trends is to utilise silicon photonics technology within coherent
optical links which poses an exciting challenge to provide a narrowband clock
generation system. One example can be made with a spectrum slice synthesizer.
Briefly, a super-broadband signal is divided into several spectral slices and then
parallelized and mapped to the optical domain by the DACs and electro-optical
modulators in order to generate a large-bandwidth single-carrier signal [142]. The

topology is illustrated by fig.7-3.

v v L 4
DAC DAC DAC
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Fig. 7- 3 Topology of Spectral Slice Synthesizer

The need is underlined if we take consideration of cost. The current commercial
approach with large-volume discrete devices is relatively expensive and not suitable
for spectral slice synthesis which points to the solution of using silicon photonics.
Therefore, the equivalent of the discrete complex photonic system can be realized on

a small silicon chip. However, the very first step for a spectrum slice synthesizer is to
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generate multiple optical carriers. A common method used in wavelength division
multiplex (WDM) technology is applying multiple external cavity lasers (ECL) to
provide multiple wavelengths [143]. However, this approach is not only expensive but
also the numbers of discrete lasers are increasing the challenge for system integration.
For those reasons, a dedicated optical comb generation system is necessary. The
functionality of the optical comb generator can be realized with a fixed frequency

generator incorporated with a modulator driver.

Optical Comb
Generator
External J_ J_l_l_ Spectral
Cavity » mzv #D-—» Slice
L .
— MZM Synthesizer

Driver

RF Source

(@)

Correlated Regulation

LC-VCO l Fixed Frequency
Reference Output
Clocke=p] PLL
T Narrowband
Power Amplifer
(b)
Fig. 7- 4 (a) Optical Comb Generator (b) Narrowband Clock Generation System for Optical

Comb

As see in fig.7-4(a), the electrical spectral is modulated onto the optical carrier that is
generated by a single external laser source. In addition, to avoid jitter distortion on the
modulated optical signal, this clock generation system is required to be very low noise.
The possible solution is to apply an LC-based PLL following with a narrow-band
power amplifier, the topology of which is illustrated in fig.7-4(b). Moreover, to ensure
the narrowband modulator driver targets the resonant frequency of the LC-PLL, some
correlated regulation has to be applied to dynamically control the spectrum of both the

PLL and the driver into the same frequency range. However, when considering the
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different driving load between the LC-PLL and the power amplifier, the potential
frequency mismatch issue cannot be ignored which may require another frequency
calibration loop to be created. Thus further work is required to determine how best to

implement such work.
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Appendix. A Basic Concepts

In this Appendix, it will introduce well known Barkhausens’ theory of oscillation in
associated with the basic concepts of two oscillator structures (Ring-based oscillator
and Inductor-capacitor oscillator) that commonly used in modern voltage controlled
oscillator and phase locked loop. Furthermore, the concepts of phase noise and

reference spurs are presented at end.

A.1 General Theory of Oscillation

In electronic system, oscillator is the source of providing a periodical output. As such
circuit, it has no input while sustaining the output indefinitely. Usually, the oscillation
is an “undesirable” design in a feedback system. However, as for the functionality of

periodical output, a badly designed feedback amplifier is helpful.

Fig.A-1 is the oscillatory changing in feedback system with time.

\ !
%*Vom Vo 4\/ ¥ @_*Vom

180° ,\/ 360°

(a) (b)

Fig. A - 1 Oscillatory Changing in Feedback System with Time
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As it illustrates, if the amplifier itself experiences a large phase shift that force a
negative feedback becoming positive feedback, then the oscillation will happen. More
specifically, if the signal experiences a 180° phase shift and return to the subtractor,
with the input, the feedback signal will gives a large difference and continues to
reproduce.

For the oscillation, it has to satisfy two conditions:

|H(w,)| =1 (A1)
£H(jw,) = 180° (A.2)

These two conditions are called “Barkhausen Criteria”. In Eq.(A.1), it indicates, for
oscillation, the gain in such closed loop should be unity or greater, which the geometric

series over many cycles is shown in (A.3).

Ve = Vo + IHGWo) Vo + [H(wo)12Vo + [H(GiWo) PV + -+ (A3)
The (A.2) denotes that the phase shift of frequency should be 180° (Fig.A-1(a)) or the
total phase shift of 360° (Fig.A-1(b)) to compensate this positive feedback. By

satisfying Barkhausen criteria, the system will oscillate at w,,.

A.2 RC and LC based Oscillator

Oscillator can be basically categorized into two main branches, which are RC based
and LC based.

A.2.1 RC based Oscillator

In terms of RC based oscillator, the transistors are used to perform voltage or current
amplification. So, in order to satisfy the Barkhausen criterion, the circuit architecture

need to be properly configured.

Fig.A-2 (a) is a single stage common source amplifier. It can be seen that the open-
loop circuit contains only one pole which can provide a maximum frequency
dependent phase shift of 90°. Moreover, the common source stage itself has a low
frequency phase shift of 180°. Therefore, the overall phase shift combined together is

270°. According to the criterion, the phase shift in a negative feedback loop should be
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180° to satisfy oscillation. Therefore, structure in fig. A-2 (a) is unable to maintain

oscillation.
VDD VDD
R R
I I Vou
—C v, J.CLI—| M; J.Cz
!
@ (b)
VDD VDD VDD
R R R
f f —T Vou
M, .I.CLI—| .1.1;.|.Cz|—| M, .I.CL
T TN
©

Fig. A - 2 Common Source Amplifier in Loop with Different Stages: (a) single stage
common source amplifier (b) two-stages (c) three stages

In fig.A-2(b), another stage of amplifier is cascaded, the achievable frequency
dependent phase shift can reach 180° as another pole is added. However, the signal
inversion through each common source stage makes the circuit exhibiting positive
feedback near zero frequency which the required phase shift is 360°. Therefore, it will

also fail to oscillate.

Finally, fig.A-2 (c) is a three stage common source amplifier formed a closed loop.
Three poles are able to provide maximum frequency dependent phase shift of 270°,
while three stages can ensure the negative feedback configuration. The transfer

function can be written as (A.4).
A3
3
S
(1+W—0)

According to the criterion, the oscillation occurred only if the frequency dependent

H(s) = —

(A.4)

phase shift equals to 180°. Therefore, each pole will contributes 60° phase shift.
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]

tan~122< = 60 (A.5)

Wo
Therefore
Wosc = \/§W0 (A.6)
By (A.1) in Barkhausen criteria, the minimum loop gain can be given as:
A
w 2 3
osc
1+(55) ]

Provided that the gain (Ao) should be greater than 2 for a three-stage RC oscillator.

>1 (A.7)

A.2.2 LC based Oscillator

Inductor-capacitor (LC) based oscillator is another fundamental topology which is
widely used. Before to introduce LC oscillator, it is necessary to review the basic
properties of LC circuit. As we all know, if an inductor (Lp) is placed with a
capacitor (Cp) in parallel, the resonance will happen at the frequency of w, which

decided by (A.8).

1

VIpCp

Wie = (A.8)
At the resonant frequency, the impedance of inductor equals to that of capacitor but
with opposite phase, thereby producing an infinite impedance ideally. The magnitude
and phase of an LC tank is shown in Fig.A-3.

M’L\ w
W w °
LC _90

(a) Magnitude of Impedance (b) Phase of Impedance

Fig. A - 3 Magnitude and Phase of the Impedance of an LC Tank
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However, in practice, due to the existence of metal resistance of inductor, the LC tank
can be modelled as an inductor in serial with a resistor (Fig.A-4 (a)). For a narrow

band frequency, it usually can be converted into a paralleled equivalent circuit as

shown in fig.A-4 (b).

(a) (b)

Fig. A - 4 Conversion of a Tank to Three Parallel Components: (a) Practical LC Tank
Configuration. (b) Equivalent Parallel LC Tank Configuration

where Ry, is the equivalent parallel resistance of the tank. At resonant frequency, the

tank can be regarded as a simple resistor with frequency depended phase shift of 0°.

VDD VDD

Al

(@) (b)

Fig. A - 5 (a) Single Tuned Stage with LC Load. (b) Two Tuned Stages in a Feedback Loop

Fig.A-5 (a) is a single stage feedback circuit with a load of LC tank. At resonant
frequency, the voltage gain is decided by — g, R,,. And the frequency dependent phase

shift of the tank never reach 180°. Therefore, the circuit will never oscillate.
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In fig.A-5(b), another stage is added to increase the phase shift. The total phase shift

of the loop is equal to 360°. Therefore, the circuit will oscillate if the gain satisfy (A.9).

(ngp)2 >1 (A.9)

A.3 Phase Noise and Reference Spur

Normally, the ideal oscillator should be able to produce a periodical changes output,
which means the zero cross should be happened at exact integer multiples of half of
period. However, in reality, the noise interference from oscillator or outside the

oscillator will randomly disturb the zero crossing. This phenomenon can be illustrated

as Fig. A-6.
Ideal /\ [\ -
Oscillator | U U ;
Noisy {\ [\ //\ [\ -
Oscillator | U \j \/ : U ;
T, 1>

Fig. A - 6 Noise Interference on Zero Crossing

As it can see that with the noise intrusion, the frequency from oscillator is varied by
time. To analyse the influence of noise in the oscillator, the noiseless sinusoidal

waveform is assumed as (A.10)
V(t) =V, coswyt (A.10)

Where V, is the amplitude and wy, is centre frequency. Take noise into consideration,
the (A.10) can be rewritten as (A.11).

V(t) = (VO + v(t)) cos(wot + @(t)) (A.11)
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Where v(t) and @(t) represent amplitude and phase fluctuation, respectively. As the
amplitude variation can be greatly reduced by attenuator or automatic amplitude
control circuit (AAC) [144], the concentration is mainly on the phase fluctuation

affection.

There are two main types of phase variations will be considered, which one is
periodical variation (@, r(t)) while the other is random variation (@,,(t)). As (A.12)

shows.

B(t) = q)ref(t) + @, (0) (A.12)

The random variation will be analysed first. The random variation is normally called
phase noise in frequency domain while jitter in time domain. The output spectrum of

an ideal oscillator and a noise-in oscillator is displayed in fig.A-7.

Ideal Oscillator Practical Oscillator
Power Power
A
¥ >
Wo w Wy w
(@) (b)

Fig. A - 7 Power Spectrum Density of Oscillator (a) Ideal Oscillator (b) Practical Oscillator

As Fig. A-7(a) shows, the power spectrum density (PSD) of ideal oscillator is a single
impulse at w,. But, in Fig. A-7(b) after the frequency experiences a random variation,
its PSD departs from w,. The impulse gets widened and vanished toward the direction
away from wy. In mathematic perspective, the noise-in spectrum (fig. A-7(b)) in time

domain can be presented as (A.13).
V(t),, = Vycos[wyt + 0,,(t)]
= Vy[cos wyt cos @, (t) — sinwyt sin @, (t)] (A.13)

For a small phase fluctuation @,(t) < 1rad . Therefore, cos®@,(t) =1
while sin @,,(t) = 0,,(t). After the approximations, (A.13) is rewritten as (A.14).

157



Appendix A. Basic Concepts

V(t), = Vy[cos wyt — @,,(t) sin wyt] (A.14)

Therefore, the spectrum of @,,(t) is translated to a function of centre frequency of wy,.
Due to the phase noise falls away from the centre frequency, to quantify the phase
noise, the frequency offset Aw is specified, which is set at certain difference with

respect to wy. The single-side band (SSB) phase noise can be illustrated as (A.15).

L(Aw) = 10 [og Znoise(Wotaw147) (A.15)

carrier

It indicates that the phase noise is the ratio between 1Hz bandwidth of spectrum at

certain offset of Aw to the carrier power. The unit of phase noise is dBc/Hz.

To analyse the periodical noise (@,..¢(t)), it is necessary to accompanied with phase
locked loop (PLL). There are many source may cause periodical noise, but one of the
most common is the reference frequency of the PLL, so that it is also called as
reference spur. In a PLL system, the phase-frequency detector (PFD) and charge pump
(CP) are clocked at reference frequency. Therefore, the main contribution to the
reference spur are including the propagation delay in PFD and CP, charge injection
and current mismatches in the CP, and leakage current on VCO’s voltage tuning node

[65, 145], which is shown in fig.A-8.

Pal/oe
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Fig. A - 8 Reference Spur on VCO's Tuning Node

The periodical fluctuation on the control voltage is in period of 1 over reference
frequency (fr.f) . To mathematically modelling the reference spurs, the approach is

similar to that in phase noise. @,..¢(t) is expressed as (A.16)

Drer(t) = AD sin Wyt (A.16)
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where w,..¢ is the reference frequency. According to (A.11), the magnitude of spur

can be achieved as (A.17). Assume that in a small noise modulation (A@ < & / 2), ,

(A.18) can be obtained after the approximation.
V(t)rer =V cos[wot + @ref(t)]

= Vo[cos wot + A@ sin wreft]

= Vo[cos wot cos(AD sinwyert) — sinwyt sin(A sinwyert)] (A17)
A A
V() rer =V [cos wot — 7(2)cos(wO + Wref)t — %DCOS(WO — Wref)t] (A.18)

Therefore, it can be seen that this periodical noise cause a spurious tone at the offset

frequency of w,..r from the centre frequency of w,. Fig. A-9 illustrates the phase noise

and reference spurs in spectrum.
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Fig. A - 9 Phase Noise and Reference Spur in Power Spectrum

Fig. A-10 shows the phase noise comparison of a VCO and PLL. As it sees, the phase
noise in VCO is getting lower with the offset frequency getting increase. When it
comes to PLL, the phase noise within the loop bandwidth is usually as flat as its
reference input, while the out-band phase noise follows that of the VCO. Another thing
need to be noted is that, in VCO phase noise curve, when the offset frequency is lower
than corner frequency, the roll-off slope is -30dBc/Hz, while beyond that point, the
roll-off slope is -20dBc/Hz. This difference is caused by different type of noise source
[28].

159



Appendix A. Basic Concepts

4 dBc/Hz
vCo
— = — PLL

-30dB/dec

7

-20dB/dec

hescscscsaa

Loop Corner log(Aw)
Bandwidth  Frequency

Fig. A - 10 Phase Noise Comparison between VCO and PLL

To make it more specific, based on the impulse sensitivity function (ISF) model
demonstrated in previous work [146], with the noise source be considered as an
impulse function, it indicates that the -30dBc/Hz roll-off is caused by the flicker noise
while -20dBc/Hz is came from the thermal noise [28]. Moreover, as illustrated in fig.
A-10, the lower the offset frequency is, the closer to the centre frequency. Therefore,
the flicker noise should be considered as the dominate source that contributes to the
phase noise. To quantify the phase noise induced by the flicker noise, (A.19) is
obtained in [28].

2
L(f) = Kfz ( ! + ! )fL (A.19)

NCoxVerr \Wn-effln-eff = Wp-efflp-err) f°

The above equation is derived based on a push-pull inverter based ring oscillator. K¢
is the flicker noise coefficient, N is the stage of ring oscillator, £, is the oscillation
frequency and Vs is the effective voltage, in that case, Vo =VDD/2 —V,.

Therefore, it can be seen that some methods can be applied in order to improve the
phase noise, such as enhancing the transistor dimensions, insert more delay stage and

increase the difference between power supply and threshold voltage.
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Appendix. B Necessary Building Blocks

In this section, the necessary building blocks that used in the PLL is introduced,

including phase frequency detector, charge pump, loop filter and frequency divider.

B.1 Phase (Frequency) Detector (PD/PFD)

Phase detector is the first module in a PLL system. Based on its functionality, it can
be categorized into two different types, which one detects the phase difference
between reference frequency and feedback frequency (PD), while the other one can

also detect frequency errors (PFD).

For the simplest PD, the function can be achieved by an exclusive OR gate. Fig. B-1

shows the operation of a XOR PD and its characteristic curve.

Vpp out average output

N VDD -n -n/2 Ad = Ggaa — ¢clock_di\'
data _| : | | | [ | N | ! >
E I VDD n2 7
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— VDD A
PD out I | | | | | I | I | | | o

(@) (b)

Fig. B - 1 (a) Operation of XOR PD (b) The Characteristics of XOR PD
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Observed from fig. B-1(a), the width of the output pulse is proportional to the phase
difference between two input signals. Therefore, we can say that the maximum phase
difference is happened when two inputs share half cycle phase shift. As illustrated in
fig. B-1(b), the detectable range of XOR PD is from - to +m. When a XOR PLL in
locked, either the rising edge or falling edge of feedback frequency will located at the
middle spot to the input signal (data). As results, that will make XOR PD more likely
to be used in clock and data recovery application. In terms of this section, it will mainly

focus on the review of PFD PLL.

A PFD block is usually built with memory elements such as flip-flop. Fig. B-2 shows
the common linear PFD structure with resettable D-type flip-flop (DFF).

“a® D QO UP
clock s Clk
Rst
Rst
clockgiy Clk
g i D 0 DOWN

Fig. B - 2 Common Linear PFD Structure
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Fig. B - 3 Characteristics of PFD (a) Ideal (b) Parctical
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By comparing the leading edge of two input signals, PFD will generate UP and DOWN
pulse to indicate which input signal is faster. When both these pulses are remained at
low, it indicates that the loop is locked. The width of pulse is depended on how much
one edge beyond the other one. For example, when the rising edge of “clock;.;”
comes before “clocky;,”, UP pulse is generated, until the edge of “clocky;,,” arrived.
When the moment that DOWN pulse is generated, it will trigger the NAND gate to
reset the DFF and pull UP and DOWN to low. Therefore, ideally, the maximum
detectable range for PFD can reach +2m, as shown in Fig. B-3(a). However, due to
the delay on the reset path, the practical characteristic of PFD is more like Fig. B-3(b).
The absolute phase difference is shrink by A. The phase difference over 2m — A will
be lead to the opposite output. Fig. B-4 illustrates the issue of missing clock edge due

to this non-ideal behaviour.

Missing Edge

.

- i I
DOWN r_ ;
Reset [ [

Fig. B - 4 Non-ideal Behavior of Missing Clock Edge

cdockyes —1 M/ I

Missing clock edge will swap the sequence order of input signals and cause the control
voltage of the VCO towards the opposite direction. As consequence, it takes more time
for PLL to be settled.

In addition, this non-ideal behaviour will lead to another issue, which is usually called
“dead zone” [147] which in the meanwhile is illustrated in Fig. B-5. This is because,
with the phase difference between two input signals moving closer, the gain of PFD is
decreased and fail to generate valid pulse signal, which mean the loop will not lock

tighter when phase error less than certain range [136].
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Fig. B - 5 Non-ideal Behavior of Dead Zone

PFD seen in fig. B-2 can be implemented by using RS latches, which have been
applied in [95]. An alternative PFD structure implemented in many literature is
dynamic PFD [148]. The RS-based latch flip-flop is replaced by a simplified TSPC
flip-flop since the D input is tied to “1” [95]. In [149], a pre-charge type PFD is
reported, which is developed from the structure of dynamic PFD. Fig. B-6 shows the

basic block of pre-charge PFD.

VDD VDD

1

=

Clock, s _.l |_ “:

Clock z, {El _|5
DOWN

Fig. B - 6 Basic Block Diagram of Pre-charge PFD

The NAND gate in the reset path is replaced by two NMOSs which combined with
TSPC latches. Since the output pulses drives less transistor gate on the reset path, the
transmission delay is reduced, so that the detectable range of PFD is expanded.

Additionally, a simplified version of pre-charge PFD is reported in [150].
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Given that the common issues of PFD mentioned above, many techniques have been
proposed based on different structure. A simplest method that reported in [28] is to
insert several stages of inverter before the reset node to alleviate the dead zone issue.
Also, the similar way had been used in [151]. It proposed a method that can predict
the reset signal and delay the rising edge so that to avoid missing edges. Based on the
dynamic PFD structure, a no feedback design is proposed in [152] which eliminates
the dead zone and extend its input range. Fig. B-7 shows a fast acquisition latch-based
PFD structure, similar to the simplified pre-charge PFD, which can eliminate dead

zone and effectively alleviate the issue of missing edge [147].
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Fig. B - 7 Structure of Fast Acquisition Latch-based PFD

Because there are odd stages of inverters that are inserted before M6, which ensure
that M5 and M6 will operate at opposite region. And this allows the edge of input be

stored for a certain of time. Fig. B-8 illustrates the behaviour of latch-based PFD.
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Fig. B - 8 Missing Clock Edge Elimination
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As explained in fig. B-4, the missing edge is caused by the transmission delay on the
reset path. However, edge information is maintained in latch-based PFD, any input
signal arrived during the reset period is no longer be missed. So, in order to expand
the detectable range of PFD to 2m, it should increase the delay stage of inverter.
However, one thing also should be noted is that the maintained time for clock edge
should be slightly smaller than reset delay, otherwise the PFD will fail to lock when

there is no phase error at input signals [147].
B.2 Charge Pump

Another basic block comes after the PFD is the charge pump. Fig. B-9 shows a basic

concept of charge pump.

VDD

VCO

Fig. B - 9 Basic Concept of Charge Pump

The phase difference is converted to UP and DOWN pulse through PFD. And then
forwarded to charge pump to sink or source current on the loop filter. MP and MN are
act as current switches. Once the UP pulse switch (MP) turns on, current will be
injected into V¢t node simultaneously, to charge loop filter. Vice versa to DOWN and
MN. However, practically, the charge pump is implemented more like the structure in
Fig. B-10(a).
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The sources of current are provided from current mirrors which are driven by diode-
connected MOSFETS. Moreover, a left branch is added, so when both UP and DOWN
pulse stay at low, the source current is driving sink current through the left branch.
When either UP or DOWN pulse goes high, the corresponding switch turns on, and
current will be injected into/out the loop filter by one of the current source. However,
one of great issue faced by this structure is current mismatch. Since when left branch
Is switched on, the drain of PMOS and NMOS (node Vx) is not precisely same to the
voltage on node Vct. That inevitably lead to current violations that flow between left
and right branch. In addition, due to the channel length modulation, a slight voltage

variation across current mirror will cause great current variations.
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Fig. B - 10 Practical Implementation of Charge Pump (a) without mismatch cancellation (b)
with mismatch cancellation

Therefore, in [28], a common used charge pump structure is reported, which is shown
in fig. B-10(b). An operational amplifier (op-amp) is added between left and right
branch, act like a voltage follower. The large gain of op-amp will pull the node Vx
close to node Vct to avoid current mismatch. Moreover, the cascade current mirror
provides larger output impedance, thereby, to alleviate effect of channel length
modulation. One drawback of this structure is that it will cause restricted voltage
headroom across each MOSFETs with more advanced technology process, since the
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decreased supply voltage. And this could lead to great performance degradation on
charge pump.

Another techniques used to raise the output impedance is by regulated cascade

structure [141, 153]. Fig. B-11(a) shows the regulated cascade charge pump.
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Fig. B - 11 (a) Regulated Cascade Charge Pump (b) Op-amp Regulated Charge Pump

One of the advantage of this technique is that the output impedance is increased
without costing additional voltage headroom [141]. Benefit from the large gain of op-
amp, the drain voltage of switch MOSFETS is maintained as close to V1 and Vb, by
adjusting the gate voltage of M3 and M4. Therefore, the current flowed through the
switch transistor is relatively constant. It should also note that the regulated cascade
charge pump requires wider pulse width of UP and DOWN signal, due to the finite
response of op-amp. Which means it needs longer time for the output of op-amp to
settle to its proper value when M1 and M2 switches on. Fig. B-11(b) illustrates another
approach by using op-amp [154]. Similar to the circuit in Fig. B-11(a), op-amp is
applied to bring the Vx close to Vct by regulating the gate voltage of M5 and M3.
Hence, Ips = Ips. Also, since VX has same voltage to Vct, so Ips = Ipe, and that bring
source current close to sink current [155]. Moreover, by this approach, charge pump
is not suffer from the finite response of op-amp, because the output of op-amp still
regulate with M5 even when M1 or M2 turned off [141]. But a rail-to-rail input range
op-amp is necessary to this structure as Vct is better close to the rail to provide a wider

frequency tuning range.
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In [156], a gate switching charge pump is proposed, which effectively releases the
headroom restriction and also avoids the current mismatch. The structure is shown in
fig. B-12.
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Fig. B - 12 Gate Switching Charge Pump

The functionality of op-amp is similar to previous literature. By regulating the gate
voltage to bring closer between Vx and Vct. Same current is flowed through each
branch that results in same current at source and sink end, thereby eliminates the
current mismatch. However, unlike the circuit in fig. B-11(b), the UP and DOWN
pulse switches in fig. B-12 are placed on the path to the gate of M1 and M2. Therefore,
there are only two transistors in serial between power and ground, which left enough
voltage headroom for the output stage. Note that, this structure still require a wide

input range op-amp for VCO control voltage.

Another common issue for the structure of charge pump that mentioned above is, due
to the non-ideal switching behaviour of PMOS and NMOQOS, certain amount of
unwanted charge pump current will leak into control voltage node to create ripple, and
pass to VCO, thereby causing additional frequency variation [28]. This ripple is
actually a trade-off of PLL’s loop bandwidth and will be explained in later session.
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B.3 Loop Filter

Loop filter can be regarded as brain to PLL. An uncorrected loop filter value may cost
PLL too long time to lock or even fail to lock. The basic loop filter architecture can be
categorized into two types, which are passive loop filter and active loop filter, as

shown in fig. B-13.
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Fig. B - 13 (a) Passive Loop Filter (b) Active Loop Filter

Fig. B-13 (a) is a second order passive loop filter, commonly used in charge pump
PLL. A capacitor C; is directly connected to ground from voltage control line to open
a low impedance path for leaked charge pump ripple to be filter out. However, too
large value of C will chop off bandwidth and degrading the loop stability. Normally,
a reasonable value for C, is C> < 0.2C; [141]. Fig. B-13(b) is an active loop filter
which implemented by [157, 158]. Compared with passive loop filter, one of
advantage of active filter is that a higher supply voltage can be applied on the
operational transconductance amplifier (OTA) to provide larger control voltage range
for VCO. Moreover, it can be easily configure as differential output for differential
VCO. But, its drawbacks are also obvious, such as more power consumption and
additional noise from OTA [28].

A big issue for loop filter is capacitor integration, especially for narrow-band PLL, as
a quite low loop bandwidth required [95]. Dual-path loop filter is another loop filter
architecture which widely used to cope with large on-chip capacitor integration
problem. In fig.B-14, the dual-path loop filter is separated into two parts, an integration
path and proportional path. The voltage on those two path are added through a voltage
adder to form the final control voltage and forward to VCO. Its transfer function can
be represented by (B.1).
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Icp[1+sR(BCZ+Cp)]

Vee =Vz +Vp = sCz(1+SRCy)

(B.1)

The integration capacitor Cz can be scaled by scaling the dual-path charge pump
current through a scaling factor B. Other technique of combing an active loop filter
into dual-path loop filter can be found in [95, 157, 158]. However, some disadvantage
about this structure can also not be ignored, like delay mismatch of dual charge pump,
more active noise and power consumption, voltage decay through passive component
[95].
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Fig. B - 14 Dual-path Loop Filter

A sample-reset loop filter is proposed in [159], which has good effective on
minimizing the ripple on VCO’s control signal, hence reduce reference spur. At first,
the phase difference is sampled as traditional charge pump PLL, and then an averaged
current, which is proportional to the sampled charge pump current, is injected into
voltage control line to provide a constant periodical value. At beginning of each period,
the previous voltage on sampling capacitor is erased by a reset switch, which
connected to the ground. The behaviour of sample-reset charge pump is illustrated as
fig.B-15. By this approach, the ripple on the control node to VCO can be effectively

reduced, but not eliminated, because it still suffers from the non-ideal switching
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behaviour. Based on its characteristic, sample-reset loop filter is more suitable for the

situation that reference spurs is a matter concern [95].
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Fig. B - 15 Behavior of Sample-reset Charge Pump

B.4 Frequency Division

A frequency divider is normally placed at the feedback path in a PLL to derive a
divided frequency (fuiy) from output (f,,:) and simultaneously compare with
reference clock (f,f) for phase difference. f,. is N times to fy;,,, where N is
dividing ratio. Fig. B-16 shows several frequency dividers (N=2) with different

register structures.
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Fig. B - 16 Alternative Register Structure for Divide-by-2 Frequency Divider (a) True Single
Phase Clocked (TSPC) (b) Razavi Divider (¢) Wang's Topology (d) Current Mode Latch
(CML)
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True Single Phase Clocked (TSPC) register (Fig. B-16(a)) is popular for high-speed
digital applications, not just because it able to provide reasonable fast speed, but also
have advantage of compacted size and only single input clock. A disadvantage is that
the speed is usually limited because the signal has to go through three gates per clock
cycle and speed is slowed down by the stacked PMOS. And the need for a full scale
voltage swing. Fig. B-16(b) is another topology of register reported in [160], which is
faster than TSPC approach. Without stacked PMOS and only two gates per clock cycle,
this structure can operate faster. However, due to its current steering mode, it suffers
from more static power consumption. Also, it requires a differential input clock signal
with full voltage swing [161]. With a similar topology, in [162], Wang proposed
another fast signal transition register (Fig. B-16(c)). The main difference to the
previous structure in [160] is that current steered from PMOS is merged and flow
through a clock driven NMOS, thereby, output voltage on one of latch is maintained
while the other latch steering current. Therefore, except from all the advantages of
structure in Fig. B-16(b), the output signal is now 50% duty cycle. The fastest register
topology is current mode latch (CML) [161], which shown in Fig. B-16(d). CML latch
avoid clock signal goes through PMOS in order to allow signal transitioning at higher
frequency. To further speed-up the frequency of CML based dividers, the inductor
peaking technique can be used, which places an inductor in series with load [163].
And other techniques to improve the steering current in CML can be found in [164].

A multi-modulus divider architecture is used to form an integer-N PLL. Fig. B-17

shows high order pre-scaler architecture with 2/3 dual-modulus divider.
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Fig. B - 17 Architecture of High Dividing Order Programmable Pre-scaler with 2/3 Dual-
modulus Divider

mods signals are used to enable divided-by-3 function. Each cell will re-clock the mods
signal from the next stage and generate a new mod signal (modn-1, mods.-2 ..... mods)

for the previous stage. The overall dividing ratio can be calculated by (B.2).

divratio = ZN + C0N020 + C0N121 ...... + CONN_lzN_l (B2)
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Fig. B-18 is the structure of a single divide-by-2/3 cell using gating logic. Once the
modin signal becomes active, 2/3 cell operates in division cycle, and when binary
control CON is asserted, the output clock is divided by 3 [165, 166].
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Fig. B - 19 Divide-by-2/3 Dual Modulus by Multiplexing Logic

An alternative divide-by-2/3 dual modulus can achieve by multiplexing logic, as
illustrated in Fig. B-19. In [167], a divide-by-4/5/6/7 modulus was implemented by
multiplexing logic, with a 4-to-1 MUX and 4 phase divide-by-2 circuit. In [161], a 64
modulus divider was shown, ranging from 32 to 63.5 with half steps of clock input.
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Appendix.

C Additional Results of

Simulations and Measurements

Table C - 1 Measurement Results from 6 Different Wafers

Wafer 1
Oscillator 1 Oscillator 2 Oscillator 3
Frequency (GHz) 12.2 12.93 13.32
Power (mW) 2.785 2.76 2.67
PN dBc/Hz @ 1MHz -62.67 -78.1 -68.92
PN dBc/Hz @ 10MHz | -91.48 -93.31 -89.67
PN dBc/Hz @ 100MHz | -120.24 -120.05 -119.52
Wafer 2
Oscillator 1 Oscillator 2 Oscillator 3
Frequency (GHz) 12.18 13.67 14.27
Power (mW) 2.88 2.86 2.82
PN dBc/Hz @ 1MHz -68.3 -72.26 -59.23
PN dBc/Hz @ 10MHz | -93.77 -91.84 -94.73
PN dBc/Hz @ 100MHz | -121.85 -119.14 -110.45
Wafer 3
Oscillator 1 Oscillator 2 Oscillator 3
Frequency (GHz) 12.26 13.89 14.39
Power (mW) 2.94 2.96 2.98
PN dBc/Hz @ 1MHz -73.73 -61.76 -65.23
PN dBc/Hz @ 10MHz | -92.32 -92.21 -86.92
PN dBc/Hz @ 100MHz | -118.74 -117.18 -119.9

Wafer 4
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Oscillator 1 Oscillator 2 Oscillator 3
Frequency (GHz) 12.297 14.1 14.57
Power (mW) 2.88 2.94 2.88
PN dBc/Hz @ 1MHz -69.8 -79.3 -68.04
PN dBc/Hz @ 10MHz | -96.03 -94.07 -87
PN dBc/Hz @ 100MHz | -121.43 -121.39 -119.89

Wafer 5

Oscillator 1 Oscillator 2 Oscillator 3
Frequency (GHz) 13.05 141 15.31
Power (mW) 3.04 3.07 3.02
PN dBc/Hz @ 1MHz -67.42 -76.05 -57.59
PN dBc/Hz @ 10MHz | -94.25 -91.66 -87.62
PN dBc/Hz @ 100MHz | -120.53 -118.72 -112.47

Wafer 6

Oscillator 1 Oscillator 2 Oscillator 3
Frequency (GHz) 12.29 12.92 14.67
Power (mW) 2.87 2.89 2.88
PN dBc/Hz @ 1MHz -63.18 -67.61 -63.51
PN dBc/Hz @ 10MHz | -93.02 -93.4 -88.87
PN dBc/Hz @ 100MHz | -116.4 -121.31 -117.99
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Appendix. D Design Methodology for

High-speed Analogue Circuit

In this section, the design methodology for general analogue circuit design is
introduced with a design flow chart at the beginning. And then, a demonstration of
inductive peaking VCO is presented to make a design example. Moreover, in order to
take consideration of process variation effects, the simulation of PVT and Monte-carlo

are also presented.

D.1 Design flow of High-speed Analogue Circuit

A well-defined design methodology is necessary for analogue circuit design in order
to deliver a high quality performance application. The standard design flow of

analogue design is shown in fig.D-1.

The whole design flow contains two stages and each stage is essential to guarantee the
performance of final output. At the beginning of the design, it starts with the schematic
design of the circuit. Not only has the circuit connection needed to be considered at
this step, but also has the connection of each component itself. For example, apart
from the gate, source, the drain of the transistor, the bulk of transistor is also required
to connect with a certain voltage point, like the ground or the power supply. In addition,

another aspect should be considered at this step is the transistor type. There is various
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transistor has been provided by the technology process, such as low threshold
transistor (LVT), high voltage transistor and deep N-well transistor (DNW), to name
just a few. For example, in terms of a cascode structure, to avoid the body effects, the
cascoded transistor usually applies with DNW to separately bias the bulk.

——3|  Schematic Design
Pre-Simulation
Meet performance?

l Yes

Layout Design

Parasitic Extraction

No

A 4

Post-layout Simulation
Meet performance?

l Yes

Taped-out

No

Fig. D - 1 Design Flow for Analogue Circuit

After the step of schematic design, a pre-simulation is necessary to evaluate the

performance. The simulator of virtuoso platform is based on the spectreRF model for
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both pre-simulation and post-layout simulation. If the performance meets the
requirement of the specification, the process will move to the layout design. Otherwise,
the parameters of the schematic are needed to be adjusted and then redo the pre-
simulation. At the layout design stage, the schematic circuit is mapped into the
physical layout through the virtuoso layout editor. The quality of layout is the key to
make the final outcome meets the desired requirement and yield a high performance
analogue chip. Before the evaluation of the layout’s performance, a very important
step is the parasitic extraction to investigate the amount of parasitic capacitance,
resistance and inductance on the physical interconnects, thereby to calculate the delay
and interference in a more authentic way. The process of parasitic extraction is based
on the tool called Calibre which is a built-in function on the platform of Cadence. In
order to accurately investigate the influence, different kind of parasitic effects are
extracted which includes parasitic resistance and capacitance between metal to
substrate, the coupling capacitance between two parallel metals, and the parasitic
inductance for long metal interconnects. The more accurate the parasitic effects are
extracted, the more runtime is required by Calibre. After the extraction finished, the
Calibre will generate a parasitic netlist which contains all delay information through
each connection net within the circuit. Based on this netlist, the post-layout simulation
can be conducted by the SpectreRF simulator to verify the performance. Differ to the
pre-simulation, the post-layout simulation usually takes more running time due to the
reading of the extracted netlist. Therefore, the biggest issue of post-layout simulation
is the timing cost. For some cases, the post-layout simulation may last for several hours
or even days, like proposed PLL structure presented in chapter 5. For the last step, if
the performances are meet, the layout will be sent to a foundry to fabricate. Otherwise,
specific modifications are required either from schematic design step or the layout step

for optimization.

D.2 Design Example
To demonstrate the design methodology of analogue circuit, a design example is

presented in this section. The design case is an inductor peaking VCO which the
structure is proposed in section 3.4.2. The implementation is based on TSMC 65nm
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technology process. Fig.D-2 shows the structure of inductor peaking VCO and a 50 Q

output buffer.
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Fig. D - 2 Structure of Design Example

The parameters are listed in Table and the layout of VCO is shown in fig.D-3.

Fig. D - 3 Layout View of Design Example

Table. D - 1 Key Parameters of VCO and Output Buffer

Process TSMC 65nm CMOS
VDD (V) 1.2
M1 (W/L) (1 m) 20/0.06
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Mg (W/L) (& m) 64/0.06
Inductance (pH) ~350
Peak Q 21.5
Cblock (pF) 800
Rbias(k Q) 25

To evaluate the performance of VCO at different stage, the pre-simulation and post-

layout simulation are presented and compared in fig.D-4.
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Fig. D - 4 Results Comparison between Pre-simulation and Post-layout Simulation

As it can see from fig.D-4(a) which is the performance of the frequency tuning range.
The main difference happens at the high frequency range where 27.3GHz highest
achievable frequency obtained by pre-simulation while 24.9GHz after post-layout
simulation. This difference is caused by the parasitic effects which is considered in the
post-layout simulation. The parasitic capacitance and resistance increase the load on
interconnects of high-speed signal, thereby drop the achievable frequency. As for the
phase noise performance in fig.D-4(b), about 5dBc difference can be observed at
1MHz offset frequency. The phase noise result is obtained by using periodical steady-

state analysis (PSS) associated with Pnoise function. As defined by the (D.1)

L) = ( L, )f (D.1)

NCoxVier \Wn-effln-eff ~ Wp—efflp-err) f°
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The phase noise within the offset frequency range is proportional to the oscillation
frequency. Therefore, the reason that the post-layout simulation acquires better phase
noise performance is that the achieved frequency in the post-layout simulation is lower
than that of in pre-simulation due to the parasitic effects, thereby the phase noise is
slightly better.

In addition to this, another aspect should be considered to evaluate the final
performance of the design is the process variation. In order to verify the reliability of
design under different environment, PVT (process, voltage, temperature) simulation

results are presented and shown in fig.D-5.
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Fig. D - 5 PVT Simulation (a) Process (b) Voltage (c) Temperature

As shown in fig.D-5(a), which is the process variation at three process corner (ff, tt,
ss), tt represents typical process corner while ff and ss represent fastest and slowest
process corner respectively. At the highest oscillation frequency, the difference
between ff and ss is 2.2GHz. However, with the decreasing of frequency, the difference
between different corners is increasing, especially at the middle frequency band in
which there is about 11.7GHz frequency variation caused by process corner. When it
comes to the voltage variation shown in fig.D-5(b), the power supply is changed from
low to high where the lowest voltage is 1.08V while the highest voltage is 1.32V.
Again, a visible difference in frequency can be found in the middle range which
reaches to 12.9GHz when the supply voltage is low, the output frequency is dropped
rapidly with increasing of the control voltage. Lastly, as for the temperature variation
in fig. D-5(c) which the extreme temperature is ranged from -40°C to 127°C while the
nominal room temperature is assumed at 27°C. At highest output frequency, the
variation on frequency is 0.56GHz. And a slight variant of 2.4GHz can be observed at
low frequency range. According to PVT simulation results, it can see that the variation
of process corner, supply voltage and temperatures to some extent affects the
performance of VCO. Therefore, to minimize the influence of PVT variation, the VCO
is recommended to be used in a phase locked loop and an adaptive regulation

mechanism is necessary to dynamically adjust the output frequency.
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On the other hand, Monte-carlo simulation is another common approach to investigate
the possibility of PVT variation and percentage of mismatch. To run the Monte-carlo
simulation, the model library need to be switched to MC mode which is a dedicated
mode for Monte-carlo. Moreover, by setting a larger number of point, it can increase
the accuracy of Monte-carlo simulation. However, it will also increase the simulation
time. In this design case, the number of points is set to 100 to obtain moderate accuracy
and relative short simulation time. Fig.D-6 illustrates the Monte-carlo simulation
based on industry standard testing condition.
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Fig. D - 6 Monte-carlo Simulation under Different Testing Condition (a) 1.2V Power Supply
with 27°C Temperature (b) 1.08V Power Supply with 127°C Temperature(c) 1.32V Power
Supply with -40°C Temperature

Fig.D-6(a) is the Monte-carlo simulation result under normal testing condition (1.2V
power supply with 27°C room temperatures). The average frequency is around
24.89GHz which the single deviation is about 319MHz. The other two testing
condition is 1.08V power supply with 127°C temperature (fig.D-6(b)) and 1.32V
power supply with -40°C temperature (fig.D-6(c)). The resulted frequency is
concentred around 23.79GHz and 24.56GHz with deviation of 275.8MHz and
382.9MHz respectively. Although the averaged frequency is slightly lower than that

of in normal condition, the frequency variation is suffered from fewer effects.
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Appendix. E Inductor Modelling

The modelling of an inductor is categorized into two types, which one is the library-
based inductor and th